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PREFACE

This textbook is a reference and tutorial on the design of integrated
voltage references. The intent and focus of this book is to present a

- complete document that covers the conceptual history and the plethora

of practical design issues behind integrated voltage references. The
target audience is the circuit design community, from the novice
digital and analog designer to the more experienced engineer.

Voltage references have always been an essential component of any
system and consequently an important topic to explore. The last
decades thrust toward higher and cven total system integration has
required all designers to be knowledgeable of this particular topic due
to its mixed-signal implications (i.c., interface rcquirements and para-
mctric considerations such as loading, output impedance, temperature
coefficient, eic.) Bipolar, CMOS, and biCMOS designs and their
perlinent issues are therefore discussed. As a result of the emergence
of the portable battery-operated environment, low voltage and low
power are key characteristics and consequently also included in the
discussions.

The whole subject matter is divided into five chapters: The Basics,
Current References, Voltage References, Designing Precision Reference
Circuits, and Considering the System and the Working Environntent. In
the first chapter, the basic principles and components of reference
circuits are defined and introduced. The following chapter deals with

xi



the design of current references, from basic CMOS PTAT circuits to
complex biCMOS current generators. The third chapter takes the
components introduccd in the previous two chapters to illustrate how
a voltage reference is designed, from basic zcro-order to high-order
circuits. Ultimately, practical design considerations conducive to the
design of precision circuits such as process variants, loading effects,
and operating environment are then explored in the fourth chapter.
Chapter 5 brings closure to the topic by dcaling with the issucs of
real-tife applications, as they pertain to marketable integrated rcfer-
ences, such as trim, package-shift cffccts, layout considerations, and
characterization.

G.ARM.

Dalias, Texay
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SUMMARY

Generally, references are an essential part of most, if not all, electrical
systems. Although highly accurate precision references are usually
desired, they are not always necessary. Rudimentary references are
often sufficiently accurate to satisfy the demands of many applica-
tions. As a result, the complexity of the circuits varies from one design
to the next. A simple reference may simply be a naturally existing
voltage that does not change significantly with operating conditions.
These references are zero order because there is no effort on the part
of the designer to improve initial accuracy. Precision references,
however, improve accuracy by attempting to cancel the linear (first-
order) and nonlinear (second-order and higher-order) components of
a given voltage. Due to more stringent design constraints, these
higher-order circuits must also account for the effects of power supply
voltage as well as electrical parasitic elements present. Some of these
parasitic elements include resistor tolerance, resistor mismatch, tran-
sistor mismatch, leakage current, and package drift. These adverse
effects are addressed at every level of design, be it circuit, layout, or
trim.

Given an application whose accuracy requirement is low, though, a
zero-order or first-order circuit is typically the least costly solution.
Higher-order references are inherently more complex than lower-order
circuits, thereby requiring more silicon area, more quiescent current
flow, and possibly higher-input voltages. Though many applications

xxi



still require lower-order references, curvature-corrected circuits are
becoming increasingly popular in high-performance systems. The de-
mand for high-performance references stems from several factors,
ranging from reduced dynamic range (resulting from lower input
voltages) to increased system complexity. Low power supplies, which
result from battery operation and finer photolithography, and con-
stant noise floors cause the effective dynamic range to be reduced.
Most precision references compensate the nonlinear temperature-

dependent characteristics of a given naturally existing voltage by 1}
summing an artificially generated nonlinear component. The tempera- }
ture dependence of this nonlinear term does not necessarily equal the 1
nonlinearity of the naturally existing voltage defining the reference.
For example, the correcting term of a bandgap circuit can be propor-
tional to the square of the temperature while the nonlinearity of the §
diode voltage is actually proportional to a logarithmic expression of §
temperature (7 In 7, where T is temperature). Better performance is |
potentially viable when the correcting term is designed to match the
nonlinearity of the temperature behavior of the freely existing voltage |
(i.e., match TInT in a bandgap reference). Yet another genre of ]
curvature correction attempts to exactly cancel the nonlinearity by §
deriving the correction component from the naturally existing voltage
itself. This latter technique can potentially have even better perfor-
mance than the matched version. Overall, the generation of these §
curvature-correcting components exploits the temperature characteris-

tics of the devices available in a given process technology.

There are other aspects to designing a reference that are equally  ‘
important as the temperature coefficient. The output stage, for in- |
stance, defines the output impedance of the circuit. In turn, this °

output characteristic partially dictates the circuits vulnerability to
transient noise, sporadic or systematic in nature, as well as its ability

to source and sink current. The design must mitigate the effects of

steady-state changes and systematic noise present in the input supply
voltage by designing for power supply rejection (PSR) and line regula-
tion. Cascodes and pseudo-preregulated supplies perform this task
well. The design must also account for process variations from die to
die, wafer to wafer, and lot to lot. As a result, careful consideration is
given to the design of the trim network. The system must be analyzed
to determine the effects of circuit-block interface on the reference
voltage. Systematic noise, for instance, may be injected through the
substrate, power supply, and/or other circuits, thereby affecting the
design of the circuit and the layout. Finally, the parametric limits of a
design must be carefully characterized to ascertain and define its

dependence on all the different factors, independent of one another.
This step is important to fully comprehend the ramifications of the
reference on the system.

Most precision references base their operation on the temperature
dependence of a diode (base-emitter) voltage. However, the concepts
and techniques presented in this book extend to any well-char-
acterized naturally existing voltage. The essence of designing a tem-
perature-independent reference involves the manipulation and the
generation of several temperature-dependent components whose sum
yields a low temporary coefficient (TC) output. This sum may be
accomplished through currents and/or voltages. Furthermore, the
techniques used to decrease the susceptibility of the bandgap refer-
ence to input power supply, output load, and process variants apply
generally to the design of any reference. A very precise and commer-
cially marketable reference is achieved when the circuit incorporates
all these concepts into one design.

G.ARM

Dallas, Texas



CHAPTER 1

THE BASICS

Analog and digital circuits ultimately need a reference, be it voltage,
current, or time. The reference establishes a stable point used by
other subcircuits to generate predictable and repeatable results. This
reference point should not fluctuate significantly under various oper-
ating conditions such as moving power supply voltages, temperature
variations, and transient loading events. A few examples of circuit
applications where references are intrinsically required are digital-to-
analog converters, analog-to-digital converters, DC-DC converters,
AC-DC converters, operational amplifiers, and linear regulators. These
subsystems, of course, are the fundamental elements that make up
cellular phones, pagers, laptops, and many other popular electronic
products.

Though often neglected in discussions, references play a pivotal
role in the design of integrated circuits. Their accuracy requirements,
in fact, are more stringent in today’s marketplace than ever before.
The need for increased overall performance is the driving force
behind this trend. In the future, as more complex and more compact
systems emerge, this tendency toward high performance is expected
only to increase. The prerequisite for high performance is partially
exemplified by the growing demand for battery-operated circuits,
which calls for high accuracy as well as low current overhead and low
voltage operation. In addition to the increasing market demand for



precision references, however, there is still, and will be, a necessity for
crude low-precision voltage references. Among other functions, these
low-precision references are indispensable for properly biasing circuit
blocks. :

The loading characteristics imposed on the reference by other
circuits in the system determine the design constraints of the refer-
ence. For instance, a time-varying current load will require the refer-
ence to respond quickly to rapid transitions. In fact, depending on the
speed of the transitions, a load capacitor may also be necessary to
prevent the reference voltage from drooping excessively. As a result,
not only will the circuit have to react quickly but it will also have to be
able to drive relatively large capacitor values. These characteristics
inevitably allude to a stable circuit with high closed-loop bandwidth
response. For reference circuits, usually, the load-current transitions
are not extensive (i.e., peak-to-peak currents of roughly less than 100
wnA). If the load demands more than 100 pA, a voltage regulator is
commonly used, which, by definition, regulates the output voltage
against various loading conditions, including, most importantly, load-
current changes. A voltage regulator is essentially a buffered refer-
ence. It is, in other words, a voltage reference cascaded with a
unity-gain amplifier capable of driving higher currents.

Designing a voltage reference merits the scrutiny of several factors,
which are mostly governed by the overall system. Temperature-drift
performance is one of the most important issues with which to
contend. For references where accuracy is paramount, a
temperature-compensated reference is normally warranted. The gen-
eral design approach for such a reference is to sum predictable,
well-characterized, temperature-dependent components, voltages or
currents, to yield a well-adjusted temperature-compensated response.
For instance, a voltage that increases with temperature is summed
with another that decreases with temperature to produce a tempera-
ture-independent voltage. The summing ratio, of course, is balanced
such that their collective effect is low-voltage variations across the
whole operating temperature range, which may span from —40 to
125 °C (commercial range). Ultimately, for precision references, sum-
ming parabolic temperature-dependent terms, like quadratic tempera-
ture-dependent components, are used to approximately cancel the
undesired second-order effects exhibited by the diode voltage. The
first step in the process, though, is to identify voltages and/or cur-
rents that are well characterized and that do not vary significantly with
process. Typically, a p-n junction diode voltage is chosen for this

purpose. The diode voltage is predictable, +2 to 5%, and is well
characterized with temperature. Metal oxide semiconductors’ (MOS)
threshold voltages, although theoretically still viable, are less con-
ducive for high accuracy since the initial accuracy is not as good as
that of the p-n junction diode, typically +15 to 20%.

Integrated circuits, in general, are fabricated in a variety of process
technologies ranging from standard bipolar and vanilla complemen-
tary metal oxide semiconductor (CMOS) processes to state-of-the-art
silicon-on-insulator (SOI) and biCMOS technologies. As such, refer-
ences may take one of several forms depending on the particular
process for which they were designed. As the accuracy requirements
of the applications increase, the complexity of the circuit also tends to
increase to compensate for first-order, second-order, and even third-
order parasitic effects. Similarly, references that must operate under
low quiescent current flow and/or low supply voltage conditions are
inherently more complex than those that need not meet such strict
requirements. Whatever the level of complexity, though, all reference
circuits stem from the same basic principles and components. Most
process technologies, in fact, have a p-n junction diode available,
which is the basis for most precision references. The techniques used
to ultimately design the reference in different process technologies
may differ slightly in practical terms but not in the conceptual sense.
A bipolar reference, for instance, may use the base-emitter junction
diode of an NPN transistor while a CMOS design will, more than
likely, use the source-bulk junction diode of a p-type MOS transistor
as the basic building block, which is none other than a p-n junction
diode. Now, if another, more stable voltage or current were to become
available, the techniques and the design approach would still remain
essentially the same but under the guise of a different building block.

The performance of a reference is gauged by its variation and is
described by its allowable operating conditions. The specifications of
the reference include line regulation, temperature drift, quiescent
current flow, input (power supply) voltage range, and loading condi-
tions. Line regulation and temperature drift refer to the variations in
reference voltage resulting from steady-state changes in power supply
voltage and temperature. The typical metric used for variations across
temperature is temperature coefficient (TC) and it is normally ex-
pressed in parts-per-million per degree Celsius (ppm/°C),

1 dReference

TCref = (11)

Reference JTemperature ’



where the reference is either in volts, amps, or seconds. Overall
accuracy is determined, primarily, by the inherent or initial accuracy
of the reference and, secondarily, by line regulation and temperature-
drift performance of the same, which is ultimately described by

AReterence,- + AReference - + AReference, \y
Accuracy =

M

(1.2)

Reference

where the subscripts IC, TC, and LNR refer to initial accuracy,
temperature coefficient, and line regulation performance, respec-
tively. Accuracy is specified in parts-per-million (ppm), percent, or
bits [1]. For example, a 100-ppm, 2.5 V reference varies +0.25 mV
(AV = 2.5V*100 - 107%), which is equivalent to a +1% reference
(% = 025 mV + 2.5 V). Similarly, the same reference is said to
have 13 bits of accuracy while varying by the same amount (AV =
0.25 mV <25 V =+ 2% or Bits < log(2.5 V + 0.25 mV) + log(2),
where Bits is the maximum number of bits that still satisfies the
relation). Load regulation is also often used to describe a reference
and it refers to the effects of load on the reference, such as load
current for the case of voltage references. Load regulation may be
included in the metric for accuracy but it is most appropriately
specified for regulator structures capable of handling a wider range of
load currents, as discussed earlier.

This chapter, in particular, aside from introducing the topic, deals
with the basics of designing a reference. The general topics discussed
include diodes and current mirrors. They are the necessary building
blocks used in the synthesis of any reference design, current or voltage
reference. A design example is also presented to supplement the
theory with a practical problem, within the context of a real working
environment. The following chapter will then combine these circuit
blocks to generate all sorts of current references. In the end, the
current generators are then used to design voltage references.

1.1 THE DIODE

Figure 1.1 illustrates the current-voltage (I-V) relationship of a junc-
tion diode. The diode can be in the forward-biased, reverse-biased, or
reverse-breakdown region. When the voltage across the terminals of

+Vy - b
£
— =
- ~
Iy
_Vz
: — — =V, V]
05 1 15
Reverse Reverse Forward
Breakdown Bias Bias

Figure 1.1 Typical /- curve for a junction diode.

the diode (from anode to cathode) is between the breakdown Voltgge
(denoted as —V,) and approximately 0.5 V, the current flowing
through the diode is significantly low. Once the current reaches. the
forward-biased region, it increases exponentially with the diode

voltage,

ID=IS[exp({§—) - 1], (1.3)

T

where I, is the current flowing through the diode, I is :[he s.aturation
current, V,, is the voltage across the diode, n is the ideality factor
(a process-dependent constant), and V7 is the thermal Vol.tage.. The
ideality factor is typically around 1. The thermal voltage is directly
proportional to temperature,

Vp=—, (1.4)

where k is Boltzmann’s constant (1.38 X 10~ Joules/Kelvin), T is
the absolute temperature in Kelvin degrees (273.15 + °C), and q is
the magnitude of the electronic charge (1.602 X 10~"* Coulomb). At a
temperature of 25 °C, the thermal voltage equals roughly 25.7 mV.
The reverse-biased current is approximately constant and nearly
negligible. In other words, the device exhibits a large output resistance
when reverse-biased. However, significant conduction into the cath-
ode begins to occur when the voltage across the junction approaches



the reverse-breakdown voltage — V. This conduction marks the onset
of reverse breakdown. Operation in this region is not necessarily
destructive but it may change some of the characteristics of the device.

However, it is necessary to limit the reverse current flowing through {

the diode to prevent excessive power dissipation; otherwise, the device

could experience irreversible damage. There are two different mecha- |

nisms responsible for diode breakdown: avalanche multiplication and

Zener tunneling. Avalanche multiplication predominates at reverse- |
biased voltages of 7 V or greater. Zener tunneling is responsible for §
breakdown at reverse-biased voltages of 5 V or less. A combination of |
the avalanche and the Zener phenomena occurs for breakdown volt- §
ages between 5 and 7 V [2]. Irrespective of the mechanism, breakdown

diodes are commonly referred as Zener diodes.

Zener tunneling is characterized by a negative temperature coeffi- §
cient (TC). Avalanche multiplication, on the other hand, exhibits a
positive TC [3]. As a result, breakdown diodes below 5 V have |
negative TCs, while those above 7 V have positive TCs. For example, |
the breakdown voltage of an emitter-base diode is typically 6 to 8 V |
with a TC of approximately +2 to 4 mV /°C. Generally, the tempera-
ture coefficient tends to become more positive (less negative) as the ;

breakdown voltage increases, i.e., the 40 V base-collector Zener diode
has a TC of roughly 35-40 mV /°C [3]. Zener diodes with breakdown
voltages between 5 and 7 V, which have low TC values, are therefore
appropriately used in voltage reference designs. This breakdown volt-

age range corresponds to the transition from Zener tunneling to

avalanche multiplication.

1.1.1 Breakdown Region

The behavior of the diode in its reverse and breakdown regions is
exploited in many reference applications. Since the diode is virtually
an open circuit in its reverse region and a short circuit in its reverse-
breakdown region, the device exhibits a voltage of — 1, when current
is flowing into the cathode terminal. The output impedance of the
reference is simply the reciprocal of the slope of the I-V curve. As
long as the diode remains in reverse breakdown, large changes in
current produce small changes in voltage. In other words, the refer-
ence has a low output resistance. Diodes fabricated specifically for use
in reverse breakdown are called Zener diodes. Their symbolic repre-
sentation is illustrated in Figure 1.2, where V, denotes the breakdown
voltage (also called the Zener voltage) and current flows from the

+
1A I
- Figure 1.2 Symbolic representation of a Zener diode.

cathode to the anode terminal of the diode. Typical output resistance
values range from 10 to 300 . This value includes the parasitic
Ohmic resistances associated with both terminals of the actual p-n
junction, diffusion resistance. It is the voltage span of most Zener
diode references; 5 to 7 V Zener diodes have low TCs, which restricts
them to relatively high voltage applications, power supply voltages
greater than the respective breakdown voltage of the device. The
temperature dependence of the familiar Zener voltage exhibits a
positive temperature coefficient ranging from approximately +1.5 to
5 mV /°C.

1.1.2 Forward-Biased Region

The current-voltage (I-V') relationship in the forward-biased region is
well represented by equation (1.3). For most of the practical operating
range (currents ranging from a few to several hundred micro-amps),
the diode voltage is approximately 0.6 V. This constancy results
because of the exponential nature of the diode. Consequently, a
forward-biased diode is useful in the generation of a repeatable and
predictable voltage by forcing current into its anode. When operated
in this mode, rearranging and differentiating equation (1.3) with

respect to the diode current yields its output resistance (R,,), which
is simply the reciprocal of the slope of the -V curve,
24 nV. V, nV.

Ry = —2 - Lexp|-—=| = —I. (1.5)
al, I nVy; 1,

It is important to note that the typical temperature dependence of this
voltage is approximately —2.2 mV /°C!

The temperature dependence of a forward-biased diode is not
linear, however. Its dependence on temperature is described by

T T
Vp = Voo — ?[I/go - VD(Tr)] - (m—x)Vr ln(f)a (1.6)

r



where V,, is the diode voltage at 0 °K, T is the absolute temperature
in degrees Kelvin (°K), V,(7,) is the voltage across the diode at

temperature 7T,, n is a temperature-independent and process-depen-
dent constant ranging from 3.6 to 4, and x refers to the temperature §
dependence of the current forced through the diode (I, = DT*, §

where D is a temperature-independent constant and x equals 1 for a

proportional-to-absolute temperature current). The form of this rela- |
tionship is a variant of the one presented by [4]. A current having a |
positive temperature coefficient (TC) is intuitively a good choice for a §
diode current. The positive TC can partially compensate for the
negative TC of the diode voltage. The wisdom behind this choice is |
also obvious from the relation above since the logarithmic coefficient §
decreases as the order of the positive temperature-dependent current 1
(x) increases. The diode relation is intrinsic for understanding and }
designing accurate references where the second-order components |
contained in the logarithmic term of equation (1.6) are compensated. |
As a result, a full characterization of the linear and quadratic depen- §
dence of the diode voltage is sometimes useful in the design process. |
Obtaining the Taylor series expansion of the logarithmic component
and collecting the appropriate terms aptly describe its dependence to

temperature, which is

VO
Vae = [Vgo + (7 _x)VT,] - [ :

(n—X)Vr, T
—{—T—|Tln(§,—) -T+T,

r

— Vie(T,) + (m —x)VT, T
T

r

r

It is noted that the logarithm changes the coefficient of the linear
component as well as that of the temperature-independent compo-

nent. The derivation for equations (1.6) and (1.7) is presented in |

Appendix A.1 at the end of the chapter.

1.2 CURRENT MIRRORS

Current mirrors are widely used in basically all reference circuits.
Consequently, a brief look at their operation and design considera-
tions is justified. Figures 1.3 through 1.6 illustrate various bipolar and
CMOS implementations of the current mirror, ranging from “simple”
to regulated cascode mirrors. The basic function of a mirror is to take

}. (17 |
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Figure 1.3 Simple current mirrors.

an input current and duplicate a multiplied ratio of the same to
another terminal. Intuitively, by looking at Figure 1.3(a), the input
current charges the base node of the bipolar mirror until the sum of
the collector current and the base current is equal to the input
current, which occurs when the circuit reaches equilibrium. Well,
given that the transistor sizes are the same and the output current is
mostly a function of the base voltage, as described in equation (1.3)
where the diode voltage is the base-emitter voltage, the output current
is equal to the input current minus the base currents. Fortunately, the
base currents are much smaller than the collector current, a beta
factor smaller ( 8), which is between 70 to 100 times smaller. Conse-
quently, the output current is roughly equal to the input current. Had
the output device been twice the size of the input transistor, the
output current would have been double the input current.

Figure 1.3(b) shows a version of the same current mirror where the
approximation error introduced by the base current is reduced by
another B factor since another NPN transistor is added. The resistor
is not always necessary but it is added to ensure that current flows
through the extra NPN transistor, thereby exhibiting a more stable
and predictable transient response. The CMOS version of the mirror,
also shown in Figure 1.3(a), does not require this so-called 8 helper
since its input resistance is virtually infinite; its gate current is on the
order of pico-amps. Although neglected in the intuitive analysis, the
Output current dependence to output voltage, collector or drain volt-
age, is a key parameter of the mirror. Inherently, transistors exhibit an
Early voltage effect, also known as channel-length modulation for
MOS devices. This variation in output current, more commonly de-
scribed by its output resistance, is considered to be negligible in many



integrated circuits but not so in the design of references, where small ;
. - . e . i
changes in current can be significant. Cascode mirrors, consequently, |

are often used since they produce more accurate results.

1.2.1 The Simple Mirror

The predominant source of error in the CMOS current mirror is
channel-length modulation (), ‘

I, = ID-sat(l + )‘VDS) (1-8) '1
where I, is the drain-source current and I, ,, is the current once the |
device is in saturation. This basic MOS relation is used to derive the 'f
output current of the simple CMOS mirror (I,,), as depicted in Table §
L.1. It is seen that the output current is not exactly equal to the input §
current; in fact, it is a function of both drain-source voltages. The |
bipolar circuit, as mentioned in the previous discussion, has an addi-
tional source of error: base current. Since 1

Ic = Bly, (1.9) ]

Iey + ¢,y !
Iy = I, T, (1-10)‘:
and
Vs Ve 1
I.=1 — 1 + = , 1.11) 4§
C S CXP( VT )( V,:; ( ) ;

where I, is base current and V), is Early voltage, the relationship of
the output current to B and Early voltage effects is simply determined

TABLE 1.1. Output Current-Mirror Comparison Between Simple
and Cascode Mirrors

Simple Mirror—I,, Cascode Mirror—I,

1+ A5
CMOs IIN(I—IVDS) Iin
bipolar I+ [l_‘, (%)(1+1” Iy + _2_+1]
B 1+ AV B B8

py combining the above relations and qollecting terms. The rfzsulting
equation is shown in Table 1.1. Connecting another NPN transmtgr, as
shown in Figure 1.3(b), from the collector to the base of the input
transistor minimizes the aforementioned B. error at the_ cost, of
course, of headroom limitations, two base-emitter voltages instead of

just one. Overall, the output resistance of the simple mirror is compa-

rable in both CMOS and bipolar technologies. Tl}@ b.andwidth is
greater, the noise is lower, and the matching capabl'hty is better for
the bipolar version, though. However, these benefits come at the
expense of more current error resulting from B effects.

1.2.2 Cascode Mirrors

The evolution from the simple mirror to the cascode counterpart is
readily apparent, shown in Figure 1.4. A couple of cascpde devices are
added to ensure that the drain-source or collector-emitter Voltages of
both input and output transistors are the same, thereby practically
eliminating channel-length modulation and Early voltage effects."l."he
voltage at the base or gate of these devices is simply a low-_prec1s10n
steady-state bias voltage, which may be generated by running some
current through a resistor and/or diode-connected transistor. ".Fh‘e
resulting output resistance is therefore increased. In particular, it is
increased by the product of the transconductance and the output
resistance of the cascading device for the CMOS case and by ap
factor for the bipolar circuit. Consequently, the much-improved input-
to-output current relations shown in Table 1.1 result where the output
current is essentially independent of drain-source and collector-emitter
voltages.

Ve Vg —|
-

Figure 1.4 Cascode current mirrors.




1 >06V +

Figure 1.5 P-type cascode current-mirror example.

Design Example 1.1: Design a low-voltage, one-to-one, cascode !
current mirror (input current equals 10 pA, DC) whose output |
voltage is greater than 0.6 V below the positive supply voltage. The §
input and the output currents flow away from the mirror. Assume that |
a biCMOS process, with a minimum channel length for MOS devices |

of 1 um, is to be used.

Since MOS devices are available and accuracy is best achieved with §
these transistors, p-type MOS transistors are chosen for the task.
Figure 1.5 illustrates the circuit. Transistors mpl and mp2 constitute |
the basic mirror while transistors mp3 and mp4 are the cascoding |
devices. Resistor R is simply used to generate a bias voltage for the |
gates of mp3 and mp4. Since the output voltage can swing up to within |
0.6 V of positive supply V,p, the sum of the saturation voltages across |
mp2 and mp4 must be less than 0.6 V. Since the mirror ratio is |
one-to-one, mpl and mp2 must also be equal in size. For best results, |
mp3 and mp4 should also be the same size to ensure equal voltages at |
the drains of mpl and mp2. The low overhead voltage of 0.6 V is §
arbitrarily chosen to be distributed equally between mp2 and mp4. |
) of 0.25 V for all devices |

Thus, choosing a saturation voltage (V
yields

at

21,

s K'(W/L)

satl

=V = Viaz = Veas =

S S.

20
== <025V,
K'(W/L)

where K’ is assumed to be 15 wA/V? The aspect ratio of all four
devices is therefore chosen to be 25 um/um,

21 2(10p)
K'(0252)  (154)(0.25%)

(W/L) > =213 pm/pum.

Critical device mpl and device mp2 must match well for good
overall performance of the mirror; hence, their channel length is
chosen to be six times larger than the minimum allowed by the process
to minimize channel-length modulation (i.e., 6um). The channel-
length modulation effects of the cascoding devices on the output
current are not as significant. As a result, their channel length is
chosen to minimize area (i.e., 2 wm). Consequently, the dimensions
(W/L) chosen for mpl through mp4 are 150/6 um/um, 150/6
wm/pum, 50/2 pm/um, and 50/2 pwm/um, respectively.

Finally, to ensure proper operation when the output voltage is
within 0.6 V of the positive supply, the source-drain voltage of mpl
and mp2 is designed to be roughly 0.3 V, which would allow the
output voltage to swing within 0.55 V of the positive supply (0.3
V + V). The following loop equation is consequently used to ascer-
tain the value of the resistor:

Vsci ¥ Ve = Vigs = Vsp1r = 0= Vg1 + Vi = Vg3 — 03 V.

Since Vi, is equal to Vg4 (same aspect ratio and equal current
densities), they cancel and the voltage across the resistor is simply
designed to be 0.3 V, which means R is 30 k(,

03v 03V

=30kQ.
Iy 10p

1.2.3 Regulated Cascode Mirrors

A current mirror is actually a single-stage amplifier with negative
fee'dback, The input NPN transistor in Figure 1.3(a) is a common-
€mitter amplifier whose output, the collector terminal, is connected to
Its input, the base terminal, for negative feedback. The output current
1S t}_lerefore regulated against the input current. Similarly, a cascode
device uses a common-gate or common-base amplifier stage to in-
Crease the output resistance of the overall circuit. However, its regula-
Hon performance may be further increased if higher open-loop gain
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Figure 1.6 Regulated cascode mirrors.

were to be introduced in the cascode gain stage. Regulated cascode
mirrors do just that. The output resistance of the current mirror is {

consequently boosted by a factor equal to that additional gain. Figure 4

1.6 shows some CMOS as well as bipolar implementations of regu-
lated cascode mirrors [5, 6]. :

Figure 1.6(a), in particular, is a two-step evolution of the CMOS- |
regulated cascode circuit, from a high-voltage to a low-voltage circuit. §
In the final version, there is local feedback in addition to level shifting §
to assure a low voltage across the drain-source voltage of mn1 (V). |
Low voltage is desired to extend the working range of the mirror (i.e., §
the output voltage range for which the current is still regulated). The |
additional current source that is added to device mn2 (1) is used to |
match the current flowing through mnl, which is Iz + I, to avoid
output current errors. Transistors mn3 and mn4 are designed to have

a gate-source voltage difference equal to V), which is designed to be ]
close to the saturation voltage of mnl to maximize output voltage |

range.

Figure 1.6(b) shows the equivalent circuit model used to derive the
output resistance of the mirror at hand. It is apparent from the circuit
that the following four relations apply:

Vx
I, = , 1.12
0= R (1.12)
Vy= —AVy, (1.13)
Vo = Vy = [10 - (Vy - VX)ng]RDSS’ (1.14)

and

Vo IORDSI + (Vo - VX)
R = —_—
o= T T , (1.15)

where g,, denotes transconductance and A is the additional gain
associated with the cascode circuit (4 = g, ,R,s,). Recombining the
aforementioned equations and collecting terms yields

Ro = Rpsi(A8,5Rpss) = Rpsi(8maRpss8€msRpss).  (1.16)

By equating A to 1, the relation for the regular cascode circuit is
ascertained.

In the bipolar version of the same circuit, shown in Figure 1.6(c), a
resistor is used to define the voltage across mirroring device qnl.
More current error has now been introduced to the circuit, though. In
particular, the culprits are qn3’s and gn5’s base currents ( 8 errors).
The following relation highlights the nature of these errors:

I, + Iy,

1
1+ —
B

1—1) = (1 I 2
8 —( Nt Bl)(l - E) (1-17)

The error, of course, is minimized by appropriately sizing I, and
Ig,. In the end, however, the complexity and the degraded frequency
Tesponse of the regulated cascode mirror (loop-bandwidth response)
limit its use. This trait encourages the designer to use, whenever

Possible, the simple and cascode mirrors in most analog design appli-
cations.



1.3 SUMMARY

Junction diodes are key elements in the design of references. They are
not necessarily a requirement but they are certainly useful when
secking high performance at a reasonable cost. This trait arises
because the p-n junction voltage has a relatively high initial accuracy.
Additionally, the electrical characteristics are repeatable, predictable,
and well characterized over a wide range of currents and tempera- |
tures. Consequently, most current and voltage references ultimately §
use these p-n junction diodes as the intrinsic building blocks in their §
respective designs.

Generally, references are an essential part of most, if not all,
electrical systems. Although highly accurate precision references are }
usually desired, they are not always necessary. Rudimentary refer- §
ences are often sufficiently accurate to satisfy the demands of many §
applications. As a result, the complexity of the circuits varies from one |
design to the next. A simple reference may be a naturally existing
voltage that does not change significantly with operating conditions, }
like the p-n junction diode. Precision references, however, improve |
accuracy by attempting to cancel the linear and nonlinear components
of a given voltage. At this point, though, the basic tools with which |
references are designed have been explored (i.e., diodes and current |
mirrors). These are used in a variety of combinations to produce |
temperature-dependent currents and voltages, which eventually be- |
come key elements in the design of precision reference circuits. The |
next chapter deals with the generation of these temperature-depen- §
dent current references. }

APPENDIX A.1 TEMPERATURE DEPENDENCE
OF THE DIODE VOLTAGE

The collector current of a bipolar transistor exhibits an exponential |
relationship to the base-emitter voltage and is nominally expressed as |

14 ]
I = I exp(ﬂ), (A1.1)

Vi

where I is the collector current, Ig is the saturation current in the |
forward-active region, V. is the base-emitter (diode) voltage, and V7 |
is the thermal voltage. The effects of Early voltage are neglected for |

this derivation. Consequently, V5 is derived to be

IC
Vep = Vo In| =1, (A.1.2)
IS

The saturation current I is defined by the electron charge g (1.6 X
10~' Coulomb), the intrinsic carrier concentration n; (approximately
1.5 X 10" em~? at 300 °K for silicon), the diffusion constant for
clectrons D,, the emitter cross-sectional area A, the effective width
of the base Wy, and the base-doping density N, (assumed to be
constant) [7],

gniD,A  qn;D,A,
5 WgN, Qp

(A.1.3)

where Qj is the number of doping atoms in the base per unit area of
emitter and D, is the average effective value of the electron diffusion
constant in the base. The notation is consistent with NPN transistors
but the theory also applies to PNP devices. The temperature depen-
dence of the intrinsic carrier concentration and the average electron
diffusion constant can be described by [8]

(A.1.4)

_Vo
n? = AT3exp( J ),
VT

and

D_n = T/-L_n’ (A15)
where A is a temperature-independent constant, T is absolute tem-

perature, V,, is the extrapolated diode voltage at 0 °K, and u, is the
average mobility for minority carriers in the base,

w, =BT, (A.1.6)

Whpre B and n are temperature-independent constants. The relation-
Ship for the saturation current I is more explicitly expressed by



substituting equations (A.1.4) — (A.1.6) in (A.1.3), resulting in

q[AT3exp( S i )l(VTBT‘”)Ae
v, .
Iy = 0 (A17) §

or

Ve
Iy = CT(“*")exp , (A.1.8) y

Ve 1
where C is a temperature-independent constant defined by all the
constants in equation (A.1.7), such as g, 4, B, A,, Qg, and k/q from }
the thermal voltage term (V; = kT /q, where k is Boltzmann’s con-
stant: 8.62 X 107> eV /° K). Finally, the collector current can be §

assumed to have a temperature dependence whose behavior can be
described by ‘

I. = DT¥, (A19) |
where D is a constant and x is an arbitrary number defined by the
temperature dependence of the current forced through the collector; |
i.e., x is 1 for a proportional-to-absolute temperature (PTAT) current
(Io « T'). Consequently, the temperature dependence of the base-

emitter voltage can be reexpressed by substituting equations |§
(A.1.8)-(A.1.9) in (A.1.2), resulting in

D (x—(4-n)) Vg"
Ver = V5 In -ET exp A

D
=V + Vi ln(E) —[(4 —n) —x]V; InT. (A.1.10)

However, a more appropriate form of the base-emitter relationship, §
for the purpose of design, is its temperature dependence as a function §
of a reference temperature (7). This form can be derived by obtaining 3
the relation of the base-emitter voltage (V) at a reference tempera- |
ture (7)), solving for a constant, and substituting it back in equation }

(A.1.10). The relation of Vg, at T, is

D
Veel(T,) = Voo + V1 ln(E) —[(4 —n) —x]V; InT,, (A.L11)

where V. is the thermal voltage evaluated at the reference tempera-
ture T.. At this point, the constant is derived to be

ln(D) _ Vie(T,) — Vgo + [:j — n) _x]VT, lnT;'. (A.1.12)

r

C

Now, equation (A.1.12) is substituted back in (A.1.10) to yield the
well-known temperature dependence relationship of the base-emitter
voltage,

T T
Vee = Vgo — ‘f[Vgo - VBE(Tr)] - [(4 —n) —x|Vy 1“(?)-

r r

(A.1.13)

It is often useful to develop the Taylor series expansion of the
logarithmic term and substitute it back in equation (A.1.13). The
purpose for the expansion is to more accurately design the cancella-
tion of the linear as well as the curvature-correcting component of the
bandgap reference. The process-dependent constant (4 — n) is some-
times expressed as 1 with an approximate value between 3.6 and 4 [4].
The V. relationship can be rewritten as

Voe = A + BT + Cf(T), (A.1.14)

where A, B, and C are constants and f(T) represents all the terms
whose order is greater than 1 (ie., C,T? + C;T> + -+ +C,T". Now
the Taylor series expansion of the logarithmic term about the refer-
ence temperature 7, can be developed,

Tl T
7,7,
- _(”’l—x)VT,
T

r

—(n- x)VT,

a(T-T,)'
o T

a)(T - T)’ a(T—-T)"
PR S NN Gl O

5 —~ . (A.115)



where the coefficients ay, a,, ..., a, are described by

oxT =T,

r

ak_'

Equations (A.1.13), (A.1.15), and (A.1.16) are then used to derive the

coefficients of equation (A.1.14) explicitly,

(n—x)V,
Ve = lVgo - —T—T’(ao —aT))

r

T, T

r

_[I/go — Vae(T)) " a,(n _x)VT,]T

T,

r

{(n—X)V

or

Var = [Veo + (n —x)V] - lV;U ~ Yarll) + (n —x)VT’]T

T
(m—x)Vr T
{T T In (T) —T+ T]} (A118)

which are variations of the relations offered by [8] and [9]. Given
equations (A.1.14) through (A.1.18), higher-order terms like T2, T3,
etc. can also be derived. It is noteworthy to mention that these }
higher-order terms will affect the lower terms since the expansion is ‘

done about temperature T,, e.g., (T — T,)? = (T?) — QT)T + T2
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CHAPTER 2

CURRENT REFERENCES

Most voltage references are derived from and are dependent on
current references. The current reference does not need to be tem-
perature-independent; however, its temperature drift must be well
characterized and controlled. The absolute value of an integrated
current reference is inherently variable because it is ultimately based
on an integrated resistor, which typically exhibits a process variation
of approximately 10 to 20%. A proportional-to-absolute temperature
(PTAT) current, a current linearly proportional to temperature, is the
most commonly used reference current. The popularity arises because
the PTAT relation is practical, predictable, and linear over a wide
range of currents. Additionally, amplifier with bipolar input pairs,
which have a transconductance directly proportional to current and
inversely proportional to temperature (g,, = I + V), benefit from
PTAT current references since the temperature dependence of the
transconductance is effectively cancelled. Consequently, the gain-
bandwidth product (GBW) of the amplifier becomes independent of
temperature (GBW =~ g, /C, where C is a frequency-compensation
Capacitor). Temperature-independent current references are also
Commonly used. These currents are usually derived from readily
available constant voltage references or by properly combining tem-
Perature-dependent currents. Another useful current reference is the
Squared PTAT current (PTAT?), where the current is proportional to

23



the square of the temperature (I o 72), a quadratic dependence to |
temperature. This current is useful for constructing second-order
voltage references, as will be discussed in the following chapter. This }
chapter discusses how these current references are designed. The |}
underlying issues behind their practical implementation are also ad-
dressed within, of course, the constraints of mainstream processes like |
standard bipolar, vanilla CMOS, and biCMOS technologies. ;

2.1 PTAT CURRENT REFERENCES

2.1.1 Bipolar Implementations

Most PTAT current generators are constructed with bipolar transis- }
tors. Figure 2.1 illustrates how two simple topologies take advantage |
of the temperature dependence of the base-emitter voltage of an NPN
transistor to produce a predictable temperature-dependent current. §
These circuits exploit the logarithmic relationship of the diode voltage
(base-emitter voltage, V), which is derived from equation (1.3) as  §

c .
Vo = Vo Inf ——— |, 2.1) §
BE e ]SArea) ( A
Mirror
1 1 M 1
n1 n2 El l 5
w1
qn1:}__4 gn2
X Cx
R
(a) (b)

Figure 2.1 Typical bipolar realizations of a PTAT current generator.

where I is the collector current of an Nl_’N transistor and. Jg 'is the
saturation current density. As this equation shows, VBE. is d%rectly
proportional to the thermal voltage (V7); in cher words, it is directly
proportional to absolute temperature (equation (1.4)). The tempera-
ture dependence of the logarithmic term is canceled by summing
pase-emitter voltages with equal collector currents, examples pf which
are shown in Figure 2.1. The following relatlon. applies Kirchhoffs
Voltage Law (KVL) to the loop containing transistors qnl-qn4, and
resistor R of Figure 2.1(a):

IR + Veg, + Vegs = Vg1 + ViEas (2-2)
and substituting equation (2.1) into (2.2) yields
Ve |(Icylce DE Vr
= = —In| ——— | = —In(DE
Iy = 1oy R ln( [ R (DE)
kT AVgp
= -—-—-—1 = = I i 2.3
4R nC R PTAT (2.3)

where Vg, — Vggs are the base-emitter voltages of transistors
qnl—qn4, respectively, T is absolute temperature, D and E are the
emitter-area ratios of qn2/qn4 and qn3/qnl, V; is the thermal
voltage, AV, is the voltage difference of the base-emitter voltages,
and base-current errors have been neglected. The constant C is the
product of constants D and E and current I.; is simply equal to
current I.,. As noted, I, is directly proportional to absolute temper-
ature (I, = Iprar @ T). Resistor R1 is used as an imprecise current
source (I = (Vp,, — 2Vpe) + R). A significant attribute of this circuit
is that the output current is independent of resistor R1’s current! The
circuit, unfortunately, suffers from low power supply rejection ratio
because the input current (/) changes with power supply voltage
since the voltage across R1 is dependent on the power supply voltage.
As the input current varies, the effects of base-current errors also
Change, thereby adversely affecting Ippar-

Figure 2.1(b) shows an implementation where the currents through
the NPN transistors are forced to equal each other by an active load
Mirror. The previous circuit is restricted to the use of an NPN



cross-coupled quad to ensure proper operation and cancellation ofﬁ
currents (equation (2.3)). The simpler voltage loop is feasible in the
latter version because the collector currents of the transistors around ]
the loop are already equal. The output currents have the same]
relationship in both circuits, though. The drawback to the morej
accurate current generator, the latter circuit, is that it also has a stable
zero-current state. Additional circuitry is required to prevent t
circuit from approaching this state.

These PTAT generators can also be constructed with lateral P
transistors; however, the topologies are not as robust as the NP
counterparts. This deficiency is mainly attributed to two factors, a lowd
collector-current efficiency and a lightly doped base region
Collector-current efficiency for lateral PNP devices can be low espe-
cially if a highly doped deep buried layer is not available. The sour 3
for this low efficiency is the inherent existence of a parasitic vertica |
PNP transistor whose collector is connected to substrate (same basé)
and emitter as the main lateral device). As a result, some of th
emitter current flows to the substrate, thereby reducing the collect
current efficiency of the lateral PNP device.

The second drawback arises because of the lightly doped nature
the base (n-well). Consequently, the current gain (forward-8) d
creases rapidly with increasing collector current because of high-level§
injection. This phenomenon occurs when the minority-carrier densityj
in the base-region becomes comparable to the majority-carrier de
sity. High minority-carrier density causes the majority-carrier densi
to effectively increase so that charge neutrality is maintained, whic
in turn, decreases the lifetime of minority carriers (there are mor
majority carriers with which to recombine) as well as increases thed
effective doping density of the base [1]. For proper operation, th 5
minority-carrier density should be well below the majority-carrier;
level. High-level injection also occurs in NPN transistors, but at muchi
higher current levels because the base has a higher doping density.

2.1.2 CMOS Iimplementations

PTAT current generators can also be designed with metal-oxide-semi- ]
conductor field-effect transistors (MOSFETs). In fact, using the same §
basic topologies of their bipolar counterpart, as shown in Figure 2.2
[2], they can be generated. The MOS devices, however, must operate }§
in the subthreshold (weak inversion) region. This requirement arises ]
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Figure 2.2 CMOS PTAT current
generator.

because the drain current is exponentia}ly c.lependent on tl}e.gate-
source voltage only in subthreshold, vs{hlch is the characteristic €x-
ploited by the circuit topology. Applying KVL to the voltage loop
similarly derives the relationship of the output current,

V[ .

= —In = InC,
ot R (W/L) R

where (W /L) is the aspect ratio of the n-type device. One drawback
to using subthreshold MOS devices is that leakage currents can
overwhelm the drain current at moderately high temperatures [3].
Leakage currents increase as the temperature increase.:s. As a resuljc,
the temperature range for which a subthreshold device is useful is
sometimes limited. o .

Figure 2.3(a) illustrates a purely CMOS circuit architecture that
does not rely on subthreshold operation to generate a PTAT current.
In this case, p-n junction diodes are employe':d to .generate' the AV
voltage, or equivalently the AV, voltage, relationship. Transistors mnl
and mn2 are used to force the voltages on nodes nl and n2 to be
equal. This equality occurs because both devices h_ave tl.le same
gate-source voltage, a consequence of having equal d1mens10'ns and
equal drain currents. Transistors mnl and mn2 are the same size and
are laid out to match well. The channel lengths of these devices must
be large enough to prevent lambda effects (A, channel-length modula-
tion errors) from significantly degrading the accuracy of.t.he PTAT
Current. If lambda effect is a problem, an operational amplifier can be
used to ensure that the voltages on nodes nl and n2 are equal, as
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(b)
Figure 2.3 Other CMOS PTAT current generators.

shown in Figure 2.3(b). Transistor mp1 is used as the output device ¢
the operational amplifier and transistors mp2 and mp3 are simpl
mirrors of mpl. The operational amplifier must exhibit a low inpu
offset voltage, as this offset is a relatively high source of error. Thy
resulting PTAT current relation for both circuits in the figure is thy
same as the one achieved by the circuits of Figures 2.1 and 2.2. E

In standard p-substrate CMOS processes, there are three differe .
p-n junctions available with which to create a diode, as illustrated if
Figure 2.4. The p-epi/n-well and p-epi/n+ diffusion diodes, ho

(1) p-epi/n-well diode
7 (2) p-epi/n+ diode
58 (3) p+/n-well diode

Metallization

Polysilicon

\
Parasitic vertical PNP transistor
Figure 2.4  Diodes available in standard vanilla CMOS process technologies.

imi utility. This limitation is because the p-ep.i (sgb-
evert,e)h;VsOLlIr;l::gd to tltl};: most negative potential, thereby eliminating
S ossibility of forward-biasing the junction. Furthefmore, both
tl}edfla)s have significant series resistance because of the hgl.ltly dqped
aie re of the well and the epitaxial layer. The third possible d{ode
natl'll ble in a standard CMOS process is created with the p+ diffu-
. iormally used for PMOS devices and the n-well. The anode for
sor one (p+ diffusion), unlike the latter two, can be connected to a
ﬂz)ltsential other than the most negative and would therefore be the gnei
used for the PTAT current generator. Unfortl.lr.lately,.the physica
jayout of the device inherently contains a parasitic vertical substratef
PNP transistor whose collector is the subst.rate. As.a result, some o
the diode current flows to the substrate, v'vhlch constitutes an error fqr
the circuit at hand. Furthermore, the de;v1ce a}so suffers from parasitic
Ohmic resistance, a consequence of using a lightly doped n-well.

2.2 STARTUP CIRCUITS AND FREQUENCY COMPENSATION

The current generators of Figures 2.1(b), 2.2, and 2.3 have an addi-
tional stable operating point, which is when Ipp,r i Zero.'A startup
circuit (not shown) is required to prevent them from settling in this
undesired state. A startup circuit ensures a nonzero current state by
sourcing or sinking a minute amount of current to or from the current
generator. This startup current is fed into a low-impedance .node, such
as nodes nl and/or n2 in Figure 2.1. The startup current is normally
significantly low and therefore does not need to be preasely.cog-
trolled. Moreover, it can flow continuously or only when the circuit
approaches its zero-current state. The latter is Rreferred for two
reasons: (1) less power is consumed since there is less (quiescent-
current flow (especially important in battery-operated environments)
and (2) the startup circuit does not perturb the current produced by
the generator. This latter concern, for the case of contlngous cor}duc.-
tion, may be circumvented by implementing more complicated circuit
topologies than those of Figures 2.1 (b), 2.2, and 2.3 where a small

portion of current, startup current, flows into a nonsensitive current
path.

2.2.1 Continuous-Conduction Startup Circuits

Figures 2.5 and 2.6 illustrate different startup CiI'Cl.,lit configurations
that use junction field-effect transistors (JFETs) as imprecise current
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p circuit realizations: (a) voltage-mode and 3

sources. Figure 2.5 depicts a configuration in which a continuous
current is fed to a low-impedance node. In the case of the circuit of
Figure 2.5(a), the startup current ([g,.,,) adversely affects lppar.
More specifically, I, differs from /., by an amount equal to I,
(error current). Thus, a small error is introduced into the logarithmic
component of equation (2.3), i.e.,

I

out

V. C(l, +1
_ _k_T_ IIl ( Cc2 startup ) ] (25)

IC2

The current [, must therefore be much lower than I, and I, to
prevent it from significantly degrading the PTAT nature of I, . The
circuit of Figure 2.5(b) does not suffer from this problem because it is
designed in such a way that the startup current is not summed in a
current-sensitive node. As depicted by the figure, I, and I., are
equal if base current errors are neglected! Only the current through
qn3 is affected by I, and Ipp,r is independent of that current.

One advantage of this circuit is that Ipp,r will not change signifi-
cantly with changes in power supply voltage. This immunity results
because the collector voltages of gnl and gqn2 are approximately equal
and are independent of the power supply. Parasitic Early voltage
effects, which were disregarded in the design of the PTAT current,
are minimized. The disadvantage of the circuit is its complexity, as it
requires both more components and more current. In practice, low
quiescent-current versions of this circuit tend to be more sensitive to
power supply transients than the simpler circuit of Figure 2.5(a). In
cffect, power supply transients can momentarily interrupt the flow of
current through this circuit more easily than the circuit of Figure
2.5(a). These interruptions affect the current produced by the genera-
tor and can cause severe system problems. An example of a system
whose power supply is subject to large transients is an integrated
switching power supply circuit. The systematic noise on the power
supply as well as the nominal quiescent-current flow through the
circuit will dictate the extent of the problem. Filter capacitors on the
bases of qn1 and qn3 tend to alleviate these negative effects.

2.2.2 State-Dependent Startup Circuits

Another genre of startup circuits supplies, or sinks, current only when
the circuit approaches the zero-current state. In other words, the state



of operation is sensed. Figure 2.6(a) cites one such example, a
voltage-mode approach [4]. Node nl is used to ascertain the state of }
operation of the circuit. The circuit is operational if the voltage is
greater than a diode voltage; otherwise, it is not. The voltage at node
n3 is used as the reference point and is a forward-biased diode voltage |
(Vgg > 0.5 V). The differential pair composed of qn4 and gqn5 com- |
pares the reference point to the signal at node nl. As a result, if the |
voltage at node nl is below the reference point, the circuit is ap-
proaching the zero-current state, thereby forcing qn5 to pull current §
from node n2. On the other hand, if the current generator circuit is in ’
its proper operational mode, the voltage at node n1 is roughly equal to §
that of reference node n3. Since transistor qn4 is “A” times larger
than gn5, most of the current will flow through qn4 and not through }
qn5. The value of resistor Rs and the area-ratio between qn4 and qn5 4
determines the magnitude of the error current associated with the |
startup circuit during normal operating conditions. Circuits of this sort }
work well but generally tend to be complex and therefore present |
more risk with regard to overall yield performance (number of units in |
a given lot that meet all specifications).

State-dependent startup blocks can also take the form of current-
mode circuits. These circuits tend to be robust as well as conducive for |
low-voltage operation. Figure 2.6(b) illustrates a current-mode circuit |
implementation. Unlike the voltage-mode counterpart, the state of the |
circuit is ascertained by monitoring a current, not a voltage. The |
current through the PTAT core circuit, in particular, is monitored and §
mirrored to node n3, a high-impedance node. This current is essen-
tially compared to the current sunk by junction field-effect transistor
(JFET) j1. Device j1 is configured as a constant-current sink whose
value is designed to be somewhere between Ip, 1 and zero, through-
out the whole temperature range as well as over process variations. As §
a result, when the circuit is in the off state, n3 is pulled low; this }
causes transistor mp to sink current from node n2, which starts the }
circuit. Once the circuit starts (i.e., Iprar is greater than [;;) node n3 ]
is pulled back up high, which eradicates the gate drive and therefore
prevents any current from flowing through device mp. 1

The disadvantage of current-mode startup circuits, however, is |
their vulnerability to transient noise. This noise, unfortunately, is
prevalent in many ICs where complex systems have been integrated {
onto a single die. Transient noise, injected through the substrate, for §
instance, may alter the state of node 3, the high-impedance node. |
Capacitor C is added for this reason, to slow down voltage transitions |
on n3 and thus filter transient noise. The ultimate result of an

insufficiently robust circuit, though, is a transient fluctuation of Tprars
which may be perceived, at the system level, as extraneous instabilities
emanating from the reference and whatever other circuits are dfeper}-
dent on Ippr (as a biasing element). The extent of the vulnerability is
a function of the value of I, and how low it is as well as tl.le value of
capacitor C. Consequently, increasipg the Value;s of capacitor C and
current I;; (or whatever constant bias current is used.ln the startup
circuit) mitigates the undesired, aforementioned transient effects. In
many mixed-signal environments, a combination of I?Otl:l yolt_age-mo_de
and current-mode approaches is warranted for reliability in a noisy
environment and predictability.

2.2.3 Frequency Compensation

Many of these circuits also require frequency compepsation. The
necessity arises because of the positive and thq negative feedback
loops in the circuit. In fact, two conflicting intertwined loops are often
encountered. The circuit of Figure 2.5(b) illustrates one such example.
The negative feedback path goes from the base of gn3 to the colleptor
of qn3, which, in turn, goes to the base of qnt /qn2 through the mirror
device defining I, (introduces one polarity inversion) and back to the
base of qn3 through qn2. The positive feedback path, on the other
hand, goes from the base of gn3 to the collector of qn3 and back to
the base of qn3 through the mirror transistor defining I¢,. Tbe
criterion for this loop to be stable is that the positive feedback gain
must be lower than the negative feedback gain at every frequency in
the spectrum. The basic design approach, then, is to lower the
bandwidth of the positive feedback loop to the point where- the :alboYe
requirement is ensured. This design process is typically. iterative in
nature and may take several simulation runs to determine the best
placement and size of the compensating filters.

Stability of the circuit is analyzed by breaking each qup, thereby
ascertaining the open-loop frequency response. In addition to the
requirement of having the positive feedback gain be lower than the
negative feedback gain at all frequencies, the circuit needs to have
enough phase margin to ensure stability over process corners .an.d
temperature extremes. Ultimately, the robustness of the circuit is
tested with a transient response analysis. In this technique, a node
Voltage or a current is transiently perturbed in simulations (e.g., a
1~100 ns current or voltage impulse on a particular node). If the
Circuit recovers and its output settles, then the circuit is less liable to
become unstable. This test should be performed after all AC analyses



have satisfied the requirements of stability. Unfortunately, satisfying
the AC analysis requirements does not guarantee stability. This uncer- §
tainty arises because some of the characteristics usually change when |
the loop is broken, such as the loading conditions for the broken 1
node. For instance, if the loop in the circuit of Figure 2.5(b) is opened
at the base of gn3, then the collector of qn2 will not see the}
load-capacitance and the load-resistance of the base of qn3. Thei}
designer may replicate transistor gn3 or employ a similar impedance-]
matching technique to circumvent this phenomenon. In the end,
however, only the transient analysis will be able to gauge the closed- 8
loop stability characteristics of the circuit!

2.3 CTAT CURRENT REFERENCES ?f

Another temperature-dependent current that is useful to generate in|
reference circuits is the complementary-to-absolute temperature’f
(CTAT) current [5], the complement of PTAT. A CTAT dependencai
is often used in conjunction with curvature correction schemes for]
second-order voltage references as well as for first-order current)
references. Second order refers to the cancellation of linear and]
quadratic terms, with respect to temperature, while first order refers}
to the cancellation of only the linear term. This cancellation will}
become apparent in the following sections and in the following chap-§
ter. The CTAT component is generated practically by forcing aj
base-emitter (diode) voltage across a resistor and by mirroring they
current flowing through the resistor elsewhere in the circuit. In
essence, the strong linear component of the base-emitter (diode)$l
voltage (roughly —2.2 mV/°C) is used. Figure 2.7 exemplifies twoj
simple embodiments of this concept; a bipolar and a CMOS version. ]
The output current (I-y,7) is described as 1

I _ VBE

out R = Ietats

(2.6)1
where Vg, is the base-emitter (diode) voltage across transistor qn. ]
Sink current I, can be designed to be any value as long as it is greater §
in magnitude than I, throughout the whole operating temperature |
range. This requirement is to ensure that transistor qn operates in the§
forward-active region. Current I should be PTAT in nature, if ;
possible, to mitigate the nonlinear effects of the logarithmic compo- |
nent of V. (equation (1.6)). The circuit of Figure 2.7(b) uses an §
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Figure 2.7 CTAT current generators.

operational amplifier to force a diode voltage across resistor R: This
version is more compatible with CMOS techno}ogle;s where blp.olar
transistors are not available. In this case, a p+ diffusion/n-well diode
(Figure 2.4) can be used. Transistors mpl and Ir}pZ.can be replach
with PNP devices if the process and/or appllf:atlon .demands it.
Transistors mpl and mp2 are used only as mirroring devices.

2.4 TEMPERATURE-INDEPENDENT CURRENT REFERENCES

Summing PTAT and CTAT currents generates temperature-indf:pen—
dent currents, first order. As the name implies, their sum can yield a
quasi-temperature-independent current, if they are approprla.tely pro-
portioned. This sum would create a first-order temp.erature-mde?pen-
dent current. The simplest way of generating this cqrrent is by
summing a PTAT current with the CTAT current of Figure 2.7(a).
This addendum to the circuit is simple and effective. Another version,
which incorporates the circuit that generates thg PTAT current into
the same design, is shown in Figure 2.8. In this configuration, the
PTAT current is generated by the loop composed of qnl, qn2, and R1
(Av,, loop) and the CTAT current is generated by qn2 and RZ.
Resistor R3 is added to ensure that the collector currents flowing
through gn1 and gn2 are PTAT and equal; thus, R3 is des1gn§:§ to
match R2. These circuits assume that the temperature coefficient
(TC) of the resistors is low. Circuit techniques can be formulated to
use the TC of the resistors to help shape the temperature dependence
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Figure 2.8 Quasi-temperature-independent current source.

A
of a particular current. Yet another simple method of generating af
temperature-stable current is by forcing a temperature-independent §
voltage reference across a resistor. The premise, in this case, is again]}
that a low-TC resistor is available but, more importantly, that a
reference voltage already exists! As a result, this latter technique is;
restricted only to certain applications. ’

2.5 PTAT? CURRENT GENERATORS

2.5.1 Bipolar Implementations

A current component that is proportional to the square of the temper-
ature (PTAT?), quadratic term, is also useful in implementing preci- §
sion references, in particular, second-order curvature-corrected volt-
age references. Figure 2.9 shows one bipolar realization of the PTAT?
current generator. In this circuit, a PTAT current and a first-order §
temperature-stable current is used in a base-emitter loop to produce }
the desired PTAT? current. Summing a CTAT and a PTAT current, |
as previously discussed, generates the temperature-independent cur-
rent. The intrinsic voltage loop is composed of transistors qnl, qn2,
qn3, and qn4. The resulting output current is derived by summing the :
voltages in the loop (applying KVL) and substituting equation (2.1) for
each base-emitter voltage, thereby yielding

IPTAT
Iout( — ICTAT)
Vyin

I PTAT 1 PTAT

=0 2.7) |

I
o 2
PTAT

I 2
FIAT = Iprar?;
K

Iy = =

out Tyrar )
+ 1
( y CTAT

(2.8)

where A and K are constants. Anothler s.tratightfoméatrd I::i(;l:grlqélgugf
ing I2..v, though more complex in terms of tra

aigelg[éggov?rfl\fead, isgby using a Qilbert Multiplier anq a PTAT
voltage (AVgg) as the two differential inputs of the same. Still another
method is to simply force a PTAT’current to ﬂon through‘ a resistor
that exhibits a PTAT dependence (i.e., a metal reS}stor). This mgthod,
however, is dependent on the technqlogy and is therefore imple-
mented only if the process and application allow.

IpTaT

Figure 2.9 Bipolar PTAT? current
generator.

2.5.2 CMOS Implementations

Similarly, the Gilbert Multiplier, as well as the positive TC resistor
technique, can be used to generate PTAT? currents in a strictly
CMOS environment. Figure 2.10, however, illustrates a Vanllla. CMOS
realization of the PTAT? current generator [2]. This circuit takes
advantage of the characteristics of MOS devices in sub-threshold (weak
inversion) and above-threshold (strong inversion) regions to create a
current that is proportional to the square of the absolute temperature.
In particular, transistors mnl and mn2 operate in subthreshold.whll_e
mn3 and mn4 operate in strong inversion. The key voltage loop in this
Circuit js composed of mnl, mn2, and mn4. The voltage across the



Mirror

1 out
IpTaT?

] Ho—] s

Figure 2.10 CMOS PTAT? current generator.

drain and source of mn4 is a AV dictated by the characteristics of
operation in weak inversion (behavior similar to a AV, voltage),

out

_ VGSZ_VGSI _ VT In (Bl)
B,

RDS4 RDS4

where Vi, and Vg, correspond to the gate-source voltages of mnij

parameter (K’) and the aspect ratios (W /L) of mnl and mn2, and}
Rpg, 1s the output resistance of mn4. Since transistor mn4 is operatingj
in strong inversion and, at the same time, is in the triode region, the]
following relation applies: |

1 1
BiVoss = Vi) Ba(Voss = Vin) 21,

Rpsy =

where Vg, and B; correspond to mn3 and V,, is the thresholdi:
voltage of n-type MOS devices. If equation (2.10) is substituted bac
into equation (2.9), solving for I, reveals the temperature-square

dependence of the current, i.e.,

21, B
= V |
e g, T “( Bz)

287 B
Loy = B, Vrzll (B:H = lprat2-

Design Example 2.1: Design an integrated version of a PTAT and a
PTAT? current generator assuming that the power supply voltage is
5V, the process-dependent constant 7 is 4, and bandgap voltage V,,
is 1.2 V. Assume a biCMOS process is to be used.

The first section to be designed is the PTAT generator block. This
block is composed of mpl-mp3, qnl—qn3, and Rpr,r in Figure 2.11.
Transistor qn2 is chosen to have an area equal to four times larger
than the minimum possible size for an NPN device. A nonminimum
device size is chosen to maximize the matching capabilities between
transistors qn2 and gn3. The current density should also be taken into
account but will not usually be a limiting factor. Now, the current
through gn3 is chosen to be 10 nwA. Lower currents can be chosen;
however, low current cells are more susceptible to substrate and
power supply noise injection. Noise susceptibility is especially impor-
tant in integrated mixed-signal designs. The size of qn3 needs to be
larger than gn2 and, for this particular design, it is chosen to be 8
times larger than gqn2. The ratio should not be any larger than 10 to

or
(2.11)
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Figure 2.11 Example of a PTAT and a PTAT? current generator.



~= saus avoucuun 1S Decause the matching capabilities start to
degrade when the area-spread becomes large. As a result, resistory
Rppar is simply "
R VelnC  (25.8m)In8

=~ 5.360 Q.
Torar

Transistor qnl is only a feedback device and is therefore chosen to b
minimum size. Transistors mpl-mp4 and mpoutl compose a mirror
which is chosen to source equal currents throughout. The PMO 3
transistors aspect ratios are designed to maximize accuracy (i.ed
W/L = 100/25). The long channel length is chosen to minim y
lambda effects (channel-length modulation errors) and the long width
is chosen to maximize matching performance. The saturation voltagel
(Vos =V, or Vgg,) is designed to ensure that the devices do not}
operate in the subthreshold region (i.e., V5, > 150 mV). Matching fod
devices operating in subthreshold is not as good as in strong inversion'_f"f
A variation in the threshold voltage is a bigger percentage of the totalj
gate-source voltage for a subthreshold device than for the samé
transistor in strong inversion. Transistor mp6 is used as a continuousd
current startup device sinking some current from transistor mpl. Its
current must not exceed or even approach the magnitude of the
PTAT current; otherwise, transistor gn1 would be starved of currenty
Thus, a current of approximately 0.5 pA is chosen,

I/SGt6=I/SGG—'I/tplz(SV—V:YGl)_II/tp =5V~V§th—2ll/tp
2(10 uA 2(0.5 uA
~36v o 20kA) [ 205mA)
151(100/25) ISM(W/L)mps
or

1
(W/L)mpﬁ = E,

where the transconductance parameter K’ is assumed to be 15 nA/ V2
and the threshold voltage |V, | is assumed to be 0.7 V. :

The current through transistor qn6 must be temperature indepen- §
dent (first-order approximation). This current is therefore designed to ]
be the sum of a PTAT and a CTAT current. By imposing a base-emitter |

voltage across resistor Riray, a CTAT current is generated. If the '
logarithmic term of the base-emitter voltage is neglected, then, from ]

Lindep = Iorar + Ierar

(D) T
s

C

S

[Ugo +(n— 1)VT,] - [I/go — Ve(T,) + (n — 1)VTr]

* Rerar

where [jgep is the temperature-independent current, f4c ;\ C(;lnstau;
defined by the mirror-ratio of gn5 azld qn7, and V;, 18 };[ et err:ro
voltage at room temperature (300 °K). For I, to dav}f aC ;AT
temperature coefficient (TC), the.TCs of the PTAT and the CTAT
currents must be equal and opposite. In other words, the first deriva

tive of I;,4,, must be zero,

ol indep

aT T.A,

Ippar(T)) [Vgo — Vpe(T,) + (m — l)VTr]
TrRCTAT

=0

thus,

[V:go — Vae(T) + (n — DVTr] 4
Iprar(T})

Repar = ¢

(1.2 - 0.6+ 77.4m) V
10 nA

2 = 136 k1,

u

where 17, is assumed to be 0.6 V at room temperature wh.ile constant
A, is chosen to be two (for simplicity as well as for matching). At thls
point, the circuit simulator is used to fine—t_une‘ Rerar to the point
where Lingep is properly centered. Thl:S tuning is necessary becfaltllsle
Early voltage, channel-length modulation effgcts, nonhnsaanty 0 1e
diode voltage, and TC of the resistors were disregarded in the analy-
Sis. As a result, the linear TCs of the PTAT and the CTAT currents



will be close but not exactly equal. In the end, the output PTAT2
current is 1

] _ Jerarterar 10p10p T?
2 = = .
FEAT [ Dprag +1 (10M L 90 (300°ky’
4, lerar 2 " 136k
T2
= 10

6——— uA,
(300 °K)> "

assuming that the mirror composed of mp5 and mpout2 has a ratio »5

1:1. The aspect ratios of these devices are chosen in the same fashiof
as those of mpl through mp4 (i.e., 100/25). !

2.6 SUMMARY

Not only are current references used throughout integrated circuits i
general but they are also intrinsic components of voltage reference
which ultimately dictate the overall accuracy of the respective system
Proportional-to-absolute temperature (PTAT) current references, foj
instance, are useful in generating reliable and predictable curren
sources. They are even used to temperature-compensate the gaind
bandwidth product of bipolar-input amplifiers. Temperature-independ
dent currents, of course, are also useful to predictably bias circuit$
across the temperature range with fixed current densities. Moreovery

b

these currents, as well as complementary-to-absolute temperaturd
(CTAT) currents, are used together to generate more complex temd
perature-dependent currents, such as currents with quadratic depen-
dence to temperature, PTAT?. A PTAT? current is especially useful
when canceling the quadratic dependence of the diode voltage. In th¢|
end, though, a combination of these currents is used in precisiongl
references to cancel linear, quadratic, and higher-order temperature+
dependent effects. The next chapter discusses exactly how thes
high-order references are developed and designed by using the cur

rent reference circuits described in this chapter.
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CHAPTER 3

M

VOLTAGE REFERENCES

Diodes, current mirrors, and, ultimately, current references comprise
the necessary building blocks used in the synthesis of most, if not all,
voltage reference topologies. Voltage references usually have more
visibility and exposure than current references because their accuracy
is typically higher and their outputs are more predictable. Precise,
integrated current references are difficult circuits to design. This
inaccuracy stems from the tolerance of integrated resistors, on the
order of 10 to 20%, which, of course, directly translates to the overall
tolerance of the current reference since the current is usually derived
from a voltage across a resistor. proportional-to-absolute temperature
(PTAT) and complementary-to-absolute temperature (CTAT) cur-
rents, for instance, are inversely proportional to resistors and they
themselves are intrinsic elements in the generation of PTAT? currents
(Chapter 2). The purely CMOS version of the PTAT? shown in
§ecti0n 2.5.2, on the other hand, is not dependent on a resistor but it
18 similarly dependent on the output resistance of a transistor, which
also varies substantially with process. Trimming the current circum-
vents this inaccuracy; however, a significant number of bits is required
to achieve a high level of accuracy. A voltage reference, since it is
Inherently more accurate, requires less trimming bits to achieve simi-
lar performance. The diode voltage, which is the basic building block
of most voltage references, typically has a tolerance of roughly +2%
Under a given collector current [1]. As a result, most of the theory and
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applications discussed in this chapter will be based on the diode or,|
equivalently, the base-emitter voltage of an NPN transistor. However#
the techniques themselves also apply to any well-characterized voltagel
that a given process technology may offer. 1

A voltage reference can be categorized into different performancel
levels (i.e., zero order, first order, or second order). The zero order, 3
the name implies, is the most rudimentary. This reference can have
temperature-drift performance extending from 1.5 to 5 mV /°C. Thes
types of references are typically not temperature-compensated; i
other words, there is no effort on the part of the designer to improv
the existing tolerance of the given voltage, which could be derive
from a Zener or a forward-biased diode. On the other hand, first-orde
references are temperature-compensated. The first-order term of t
polynomial relationship with respect to temperature is effective]
canceled. A Taylor-series expansion of the voltage to be temperatu
compensated, which can be any voltage, is useful in designing for
cancellation of the first-order term and higher-order components.
example of this Taylor expansion is partially demonstrated in equatiof
(1.7) of Chapter 1 for the diode voltage and fully derived in Appendi
A.1 from Chapter 1. In any case, first-order voltage references exhibf
a temperature drift ranging from 50 to 100 ppm/°C. There are sony
applications like high-performance data converters and low-voltag
power supply systems that require even more accuracy than what:
first-order voltage reference can supply. Second-order as well 4
higher-order references are used for this end. They typically vary leg§
than 50 ppm/°C. These circuits, as their name implies, compens
for linear and one or more higher-order temperature components.

This chapter discusses the theory and issues, with respect
temperature, that surround the design of a voltage reference, be #
first-order, second-order, or even a higher-order circuit. The use &
the different building blocks developed in previous chapters is illug
trated and discussed within the context of a practical voltage refe
ence design. Examples of state-of-the-art designs are also cited
examined, and gauged against one another for their relative perfor
mance. Practical examples are also included in the text to supplemen§
the discussion with “real-life” circuits.

3.1 ZERO-ORDER REFERENCES

3.1.1 Forward-Biased Diode References

The simplest and most financially economical method of generating 4
voltage reference is by forcing current to flow through a p-n junctio i

Vin e Vref

{a) (b)

Figure 3.1 Diode voltage references.

diode. The circuit in Figure 3.1(a) exemplifies one simple realization.
The resistor can be replaced with a current source if the system whf.:re
the design lies has one available. It can also be replaced by a junction
field-effect transistor (JFET) to optimize area and current overheaq.
This reference will have a temperature-drift performance of approxi-
mately —2.2 mV /°C. The accuracy performance is degrade.d if the
input voltage changes and/or if its output is used to drive load
currents. More specifically, the biasing current of the dlode. cl.lange.:s
with input voltage variations, thereby causing, as a result, dgwatlons in
the output voltage. Similarly, the load-current degradation results
because the output voltage exhibits a load-regulation drift when
subjected to load-current changes, as described in equation (1.5) from
Chapter 1.

3.1.2 Zener References

Another common realization of a voltage reference circuit is through
the use of a Zener diode and a resistor [2, 3] as shown in Figure 3.1(b).
If current is forced to flow into the cathode of a diode, the diode goes
into the reverse-breakdown region. In this mode of operation, signifi-
cant load-current changes cause nearly negligible fluctuations in diode
voltage. As a result, a low output resistance at the cathode arises,
varying typically from 10 to 300 2. Most common Zener diodes ha.ve‘: a
breakdown voltage between 5.5 and 8.5 V and they have a positive
temperature drift, approximately between +1.5 and 5 mV /°C. As a
result of its high operating voltages, though, the Zener diode is
appropriately warranted in high-voltage applications with supply volt-
ages greater than 6 to 9 V [2,4].

Design Example 3.1: Design a 2 V zero-order reference with a
SV + 5% input supply voltage. The circuit should be able to drive
100 wA of load current while using only a maximum of 10 uA of
quiescent current, over process variations and temperature range (0 to



Figure 3.2 A 2 V zero-order voltage reference.

125 °C). Assume that a wanilla p-substrate CMOS process with a
added p-base layer is to be used.

A p-substrate CMOS process with a p-base layer extension
essentially a cost-effective biCMOS process technology (i.e., a vertic
NPN transistor is available where a source-drain n+ diffusion is used
as an emitter, a p-base as a base, and an n-well as a collector). The
only issue with this device is that its extrinsic saturation voltagd
(effective Vi, is greater than the ones exhibited in standard bipola g
or biCMOS technologies where a highly doped buried layer is avall'i
able. This degradation results because of the parasitic resistancel
through the lightly doped n-well region, collector path. Other tha ‘7
that, the device is very useful, especially in the design of referencesg

Now, since a 2 V reference is desired and the supply voltage vari
from 4.5 to 5.5 V, a Zener Diode cannot be used because of its h1g :;v
operating voltages. As a result, a forward-biased diode voltage ig
chosen. Figure 3.2 illustrates a circuit that fulfills the requirements
stipulated in the problem statement. To generate a 2 V reference ouf
of a nominal 0.7 V diode voltage, a base-emitter voltage (V) multi%
plier is used, which is mainly composed of qnl, gn2, R1, and R2j
Transistor qn2 is added to supply current without significantly affect
ing the output voltage. Resistor R3 is used only to establish current
flow through qnl and to provide base current to qn2. Capacitor C i,
added for noise immunity from the positive input supply. High
frequency noise generated by the supply is shunted to ground, at the
base of qn2, by capacitor C; R3 and C essentially form a low-pass]
filter with a pole at 1 + (27 CR3). By the way, noise from ground is§
common mode, therefore it does not affect the performance of the]
circuit considerably. 1

The ratio of resistors R1 and R2 is adjusted to produce a 2 V

output,

R2 R2 B
VO = VBEl(l + H) = (07 V)(l + H) =2V,

The absolute values of all three resistors is dependent on quiescent-
current flow, which is defined to be less than 10 wA over process and
temperature variations. The current through resistor R3 has more
variation than R1 and R2 because its voltage changes with supply
voltage. Consequently, more current is allocated to this device (ie.,
7 uA). The worst-case base-emitter voltage, with regard to current
flow, occurs at opposite extremes of the temperature range (0.7 V +
(2.2 mV/°C) Atemp). With this in mind, the resistor values are
determined,

Var _ (07V) +(22mV) (27 - 0°C) _ 0.76

= <3 uA
T = 17 R1 R1 H
or
R1 > 253k}
and
VIN - (2 V+ VBEZ)
IR3 = R3
. —2V+07V—-(22mV) (125 — 27°C
- 55V —| ( ) ( )] < 7uA
a R3
or

R3 > 431 k().

Since integrated resistors can vary +20% as a result of process
Variations, R1 and R3 are chosen to be 320 kQ and 550 kQ,



respectively,

R1 - Rlextreme 253 kQ 31
nominal — 80% - 0.8 = 6kQ
and
R3 _ R3extreme 431 kQ 539 kQ
nominal — 80% - 0.8 - .

Resistor R2, of course, is consequently designed to be 595 kQ),

R2 = R1 Yo 1 320k 2 1
B 7ty Bl >(m

) = 594 kQ).
Finally, transistor qnl is chosen to be minimum size because i
effective B is typically high for the low current density required—

than 7 uA. Transistor qn2, on the other hand, is chosen to be twice
the minimum size because it has to supply a total current of rough
103 nA. The size requirements may change, of course, depending
the particular performance parameters of the process. Consequently}
B versus current density curves need to be consulted. Oversizing thes
devices is not usually prudent since conservation of silicon area is ke
for maximum integration capacity. As for capacitor C, it is chosen t

have a nominal pole frequency of approximately 100 kHz. Cons
quently, its size is designed to be 3 pF,

Pole =

= 100 kH
27CR3  00kHz

or
c 1 1
~ 2m(100k)R3 ~ 247(100K) (500K)

= 3.2 pF.

3.2 FIRST-ORDER REFERENCES

3.2.1 Forward-Biased Diode References

Forward-biased diode references with first-order or second-order .‘
compensation are commonly referred to as bandgap references. They
are more accurate and more suitable for low-voltage operation than'j

-

Voltage
\
\
/

Viet = Vee + Vp1ar

Temperature

Figure 3.3 Temperature behavior of first-order bandgap references.

unterparts. Typical bandgap references have an output
:z}cl)?tazgznzrf (;(;)proxilr)nately }11p2 V, which roughly corresponds to the
diode voltage at 0 °K. The basic operation relies on the temperature
dependence of the base-emitter voltage of a bipolar transistor (llt/BE)
or, equivalently, a forward-biased diode. Flrst-order' bandg_aplvo age
re%erences compensate the linear componept but ineffectively com-
pensate the nonlinear component of the diode voltage. Summi)ng a
proportional-to-absolute temperature (PTAT) voltage and a 1tase-
emitter voltage does this type of compensation. .The PTAT lyo zt1£g1e
increases linearly with temperature, thereby efficiently cance m% e
effect of the negative linear temperature dc'ep.en(%ence of the base-
emitter voltage. The resulting reference exhibits improved temperlell-
ture-variation performance over its zero-order counterpart, typically
between 20 and 100 ppm /°C [5). However, the extent (?f the improve-
ment is limited by the logarithmic dependence of the leFle Vol.tagc:,i, la)ls
described equation (1.6) of Chapter 1, and whose effect is depicte ly
the curvature of V,; in Figure 3.3. In essence, the PTAT voltage onl 1311
cancels the CTAT behavior of the reference. Consequently, V¢ sti
shows the effects of the logarithmic behavior of the. d‘lode voltage.
The reference voltage is defined by first ascertaining the ab.soluﬁe
value at room temperature (V). This value is not n'ece.ssanly lt e
point on the V,.; curve that has a slope of zero (derivative is equs to
zero). Moreover, the voltage V., is typically abovq the actual ba;() gas
voltage (for a given process technology) by approx1matgly 70 t(]; m
[1]. In the end, the absolute value of the referenc?, will fall .etwect:)n
117 and 1.25 V. This value, of course, 1S typically obtained y
characterizing the process for a given circuit tqpology. The characteri-
zation can be based either on the models avallab'le o, better yct3 on
experimental results obtained for the particular circuit at hand. Since
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conditions, some inaccuracies may exist when ascertaining the preci

behavior under a given subset of operating conditions. In the endj

unfortunately, the value of Viet is not the same for all circuits. Th'v

lack of consistency is because the e

circuit (for the PTAT current generator) affects the absolute value ;
the base-emitter voltage and the collector current flow at a given
temperature. These and other effects will be discussed in great
detail in Chapter 4.

Once V; is obtained, the value of the base-emitt

er voltage at roomy
temperature is subtracted from Viet; thus, a value for the PTATS

voltage can be calculated. Figure 3.4(a) shows a simple topology that;
achieves the objectives described above and is compatible with CMOS}
and bipolar processes. It is noteworthy to mention that the resistorsj
used in generating the PTAT current should match the resistor in the
figure at hand to maintain the quality of the PTAT voltage. The best 3
value for V. occurs when the voltages of V,; at the extremes of the i
temperature range are roughly equal, as depicted by Figure 3.3.1
Actual production material, because of process gradients and variants, ;
will not have these two values equal for all parts, for all wafers, and ;
for all lots. However, the overall shape of the curve should be
approximately the same after the parts have been trimmed. The §

annel-length modulation) and .package
e}flfi?fstshz(l)\feiaergl ‘I’l(:;?eg;ég rtlflllls far. Thegformer feflfec;:t i§ pz::r;;ci\cl;ag I:g
: i inimized through careful device
cach deSI%n(ia zd f)arrilegfagolglrgilzg drelativg position of devices). The
lacemer;hift‘is.’an effect that should be either trimmeq after the fglct,
aCka1g€d and taken into account before the fact, or simply superim-
mOdfi f(:)nto the overall variation performance of the part. The particu-
{)a(;zeof package shifts are addressed later in Chapter 4.

3.2.2 Zener References

-dri ormance of a Zener diode can be sign%fl-
Thetlte?;fperr(?\t:(rieb(:/n(f:;sgzgfing one or several elgments With negatl\f;
E(:2111r11p}::rature coefficients (TCs), i.e., forward-biased lede; (TCe;
~2.2 mV/°C per diode). This performance enhancerpent, owi;,\;hé
comes at the expense of increaseq output voltage. For 1rft5aglc§;V/oc
temperature drift of the Zener dlofie is asgumed tlo be (2.5 Y/ 22,
then approximately 2.5 forward-biased diode vo t'il.ges ff‘c Consé-
mV/°C = —5.5 mV /°C) are needed to cancel the linear TC. onse

uently, the output voltage of the reference becomes' roug le
25 V +’ 25X07Vor725V, assuming the Zener Vpltage is a;(z&g)
5:5 V. One embodiment of this concept is illustrated in Flgclllre.t}.1 > .
The resistor connected to input voltage V;, can be r.eplace with 2 Z
current source or even a JFET. The other two reslstors5 Ic/on;pr;sn 2
diode voltage multiplier, i.e., (VBE 1+ 1:5R /R]d=l;2. O,ﬁe.s n 2
purely CMOS environment,b the bllpolzzir triztllr:stls:(c))roaruihrte ee ;n - rpl)ction
i i ould have to be replaced w
tﬁi;z:lsi;msseges. This modification would degrade thﬁ: temp;:raturei;
drift performance since only an integer numberiof diode V((; taglet:l )
feasible. The integer limitation is circqmvented if a standar_ VO asis
multiplier circuit is designed. This. design change, however, incre
the complexity of the overall circuit.

Design Example 3.2: Design a first-order banfigap refeflen(l:)ea nfgraa
temperature ranging from 0 to 125 °C, assuming that the tel % 6p
voltage (V,,) is 1.2 V and the process constant 7 is approxima g ﬂ.lis.

The cifgcuit is illustrated in Figure 3.5. The .per.formance 0 nis
circuit is independent of the startup current, which is of the ctt)r; flfI:(l;t
ous conduction type. Startup current Ista.,t?p, howev.er, doe; ?1;) aflect
transistors qn2 or qn3, which are the critical transistors o A e reter.
ence circuit. In fact, the sum of the currents flowing through mp



I startup

mp4

Rprar?
Figare 3.5 First-order bandgap refer-
ence.

qnl is exactly equal to the PTAT current (current flowing through q
and qn3), assuming there are no mismatch errors. '
The first portion of the circuit to be designed is the PTA'
generator block. This block is comprised of mpl through mp3, qn
through gn3, and Ry, Transistor qn2 is chosen to have an ar
equal to four times larger than the minimum possible size for an NPN
device. A nonminimum device size is chosen to maximize the match*‘
ing capabilities between transistors qn2 and qn3. Current densi /i
curves (B curves) should also be taken into account but will no‘
usually be a limiting factor. Now, the current through qn3 is chosen td
be 15 pA. Lower currents can be chosen; however, low-current cell
are more vulnerable to noise. The size of qn3 needs to be larger tha ]
qn2 and, for this particular design, it is chosen to be 8 times larger}
than qn2. At this point, resistor Rpy,p is simply

VpInC  (258m)In8
T 15uA

= 3,580 .

PTAT =
Tprar

Transistor qn1 is only a feedback device and therefore can be chosen
to be minimum size. Transistors mp1 through mp3 COmpOSe a mirror, |
which is chosen to source equal currents. Their size is chosen to}
maximize accuracy (i.e., W/L = 100/25). A long channel length is]
chosen to minimize channel-length modulation errors and a longj

width is chosen to maximize matching performan(.:e. The saturation
voltage (Vg — V, or V) is chosen to ensure that it does no:) fiperzfite
in subthreshold (ie., Vg5 > 150 .mV). The matcblng capability for
devices operating in subthreshold is not as good. as in strong 1nver;10n.
Transistor mp4 is used as a startup device pulling some current ’1{2}1}*
device mpl. Its current must not exceed, or even approach, the P
current; otherwise, transistor qn.l could be starved of current. Thus, a
current of approximately 1 wA is chosen,

VsGiVsas —II/tl = (5 V= Vi1 — VRPTATZ) "|Vz|

=5V = Vg — 0.6V = 2|V,

[ 2(15 nA)
~3V—j—————— =23V
=3V 15(100,/25)
~ 2(1 pA)

"V 150(W/L) e

or

(W/L)mp4 = 4_0 s

where the transconductance parameter K’ is assumed to be 15 pA/ \'&
and the threshold voltage IV,pl is assumed to be 0.7 V. The voltage
across resistor Rppars (V,.,.,) is momentarily chosen to be 0.6 V at
room temperature. This assumption is reasona}ble for the above
derivation since the ultimate reference voltage will be close to 1.2 V
and V. is roughly between 0.6 V and 0.7 V. at room temperature.
The error that arises from this conjecture will not have significant
impact on the overall performance of the circuit since Iy, can
exhibit significant variation before Iprar is affected. The current
through gnl1 is simply the difference between the.: PTAT current
(15 wA) and the startup current (1 nA) (i.e., approximately 14 pA at
room temperature). .

The reference voltage is equal to the sum of base-emitter Volta}ge
Vae, and the PTAT voltage across resistor Rppars - The_way.to design
the value of this resistor is to make a first-order approximation of the
base-emitter voltage and to determine the PTAT voltage required to



prod_uce a zero TC. The approximation will neglect the higher-order 5
nonlinear components of the base-emitter voltage, ‘

Vg, = Veo + (n— 1)VT,]

T
- [Vgo - VBEZ(Tr) + (77 - 1)VT,]7,

r

where V. is the thermal voltage at room temperature T. and 1 is}
substituted for the constant x in equation (1.7) of Chapter 1 since the
collector current is PTAT (I, « T'). For the voltage reference toj
have zero TC, its first derivative must be equal to zero, i.e.,

Vet _ d(Vae2 + Verar)
oT |-, oT T=T,
_ —I/go ~ VeeoT,) + (n - DV
T,
g T
+ 3_PT‘A;(“) Rprar =0,

where Vppyyp is the PTAT voltage across resistor Rppap,. The mul
plier “3” in the above relation comes from the fact that the curreng

through Rpray, is equal to 315, 1. Consequently, the value for Rppy /
can be found to be 13,300 Q,

Vgo - VBEZ(Tr) + (77 - 1)VT,
3prar(Ty)

1.2V -0.67V + 67.1 mV

= 315 5A) ~ 13,300 Q,

R PTAT2

where V., is assumed to be 0.67 V at room temperature. The"'f
resulting reference voltage at room temperature is

VrT) = Vas(T,) + Verar (T,) = 067V + 3(15 wA) (13,300 Q) |
~ 1268 V. :

At this point, the circuit is simulated to determine its temperature-
drift performance. Most likely, the performance Yvil} not be at its
optimum point. One of the reasons for this deviation is that the
Jogarithmic term was neglected. In other ‘words, the PTAT voltage
may need some adjustment to center the higher-order components of
the base-emitter voltage in the given temperature range. Fprthermore,
some of the parasitic errors of the circuit were not taken into account
(i.e., the channel-length modulation error of the PMOS transistors,
the temperature drift of the resistors, the Early-voltage effect of the
NPN transistors, etc.). However, the simulator is used to obtain the
pest value of Rppapo for which the reference voltage will exhibit its
Jowest possible temperature variation.

3.3 SECOND-ORDER REFERENCES (CURVATURE
CORRECTION)

Low dynamic range and low-voltage swings are natural circuit charac-
teristics that result because of the growing market demand for
battery-operated electronics. A battery-powered IC intrinsically re-
quires low quiescent current flow and low-voltage operation. The
signal-to-noise ratio (SNR) is relatively low because noise does not
scale with decreasing supply voltages. Unfortunately, SNR is further
degraded by an inherent increase in broad-spectrum noise resulting
from low quiescent-current flow. These characteristics force increas-
ingly stringent specification requirements on integrated references.
Typical first-order bandgap references are no longer adequate for
many high-performance systems. Consequently, higher-order refer-
ences—curvature-corrected references—are necessary!

In addition to canceling first-order terms, curvature-corrected
bandgap references attempt to approximately cancel the nonlinear
component of the base-emitter (diode) voltage. Essentially, the sec-
ond-order term in the Taylor-series expansion of the diode rela-
tionship is canceled, leaving only third-order and higher-order
components. The classical method for doing such compensation is
through the addition of a squared PTAT term (PTAT?), a quadratic
COmponent, to the output voltage relation of first-order bandgap
Teferences [6]. The idea is to offset the negative temperatire depen-
énce of the logarithmic term in Vp; with a positive parabolic term.
18ure 3.6 shows the typical temperature-drift performance achieved
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Figure 3.6 Squared PTAT curvature-correction method for bandgap references,
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by PTAT? curvature-corrected bandgap references. The lower te
perature range is predominantly controlled by the base-emitter volg
age and the linear PTAT component (Vg + Vppar). As a result, th
first half of the temperature range exhibits the curvature of a firg
order bandgap reference. The squared PTAT voltage term (Vprar
however, becomes considerably large as the temperature increasef
This behavior is used to cancel the increasingly negative temperat 1)
dependence of the base-emitter voltage at higher temperatures. Co
sequently, the curvature depicted by V., in Figure 3.6 results. Preva it
ing curvature-corrected bandgap references achieve a temperaturé
drift performance of roughly 1 to 20 ppm/°C [5]!

Generally, the base-emitter (diode) voltage is described by

VBE(T) = Vgo — BT' - Cf(T)’ ( .

where 1, (extrapolated diode voltage at 0 °K), B, and C are temper‘
ture-independent constants and 7T refers to temperature, which i
more explicitly illustrated in equation (1.6) of Chapter 1. First-ordej
references sum a positive linear temperature-dependent voltage to §
base-emitter voltage to cancel the effects of constant B. The goal df
higher-order bandgap references, on the other hand, is to sum
temperature-dependent voltage exhibiting both a positive linear an
a positive nonlinear temperature dependence, i.e., !

Viet = Vap(T) + V(T) = V3p(T) + DT + Ef,(T) = V,,,

where voltage V,, which is equal to DT + Efy(T), is generated by the
reference circuit and constant D and Ef,(T) app.rox1mately equal B
and Cf(T), respectively. The most common.technlque used to gener-
ate Ef»(T) is the squared PTAT compensation scheme, as mentloned
above. In this method, a squared PTAT dependent voltage is summed
with a PTAT and a diode (base-emitter) voltage. o

The process of designing a curvature-corr.ec.ted pandgap circuit is
inherently iterative in nature. This characteristic exists because there
usually is more than one combination of term-coefficients that pro-
duces similar temperature-variation perforn'la.nce. The procedure is
partially automated by determining the coefficients through the use of
a spreadsheet. Practical circuits, however, a}lso suffer from such effe'c?s
as Early voltage (channel-length modulation), bulk effects, parasitic
current paths, finite betas (), and so on. As a result., for each
combination of coefficients, the parasitic effects may be different. In
other words, the process of ascertaining the voltage at whiqh the
reference will have its best temperature-drift performance is not
straightforward. The simulator helps project where it lie-:s. bu.t tl}e
prediction is as good as its models. Simulations of the specific circuit,
however, can give the designer a good indication as to where the
reference is best centered for the particular process. In determining
the absolute value of the reference voltage, the design should also
take into account initial accuracy by including a trim network and by
relying on models and experimental measurements for the rati(? of the
coefficients of the temperature components. Sometimes, experimental
measurements of the actual circuit are necessary to effectively infer
the voltage where the reference is best centered. These measurements
become intrinsic when the package itself imposes significant offset
and temperature drift on the circuit—a factor that is not typically
modeled in simulations.

Figure 3.7(a) illustrates the realization of second-order correction
on a distinctively popular bandgap circuit, the Brokaw bandgap refer-
ence, which was partially used in Design Example 3.2. In this instance,
the PTAT current generator and the bandgap circuit are integrated
into one cell. The loop composed of qnl, qn2, and R produces the
PTAT current that flows through resistors R1 and R2. If the squared
PTAT current is disregarded, the resulting circuit is a first-order
bandgap reference. The reference is simply the sum of the base-emitter
Voltage of qnl and the PTAT voltage imposed across R1 and R2.
_SeCOnd-order correction is finalized when the squared PTAT current
s forced to flow through R2. Consequently, the relation that governs
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Figure 3.7 Second-order curvature-corrected bandgap references.

the reference voltage is described by
Viet = Vaer + 20ppar (R1 + R2) + Lppar2R2, (3

where Vg, is the base-emitter voltage of qnl, Ipp,r is the PTATY
current, and Ippayz is the squared PTAT current. The mirror, as is th
case for most topologies, can be replaced with any configuration thaf
ensures that the collector currents of qnl and qn2 are equal. Figurg
3.7(b) shows an equivalent CMOS realization where an operatlon
amplifier configuration is utilized to ensure that the PTAT currenty
through diodes d1 and d2 are equal. The relationship of the referencd
voltage for this circuit is similar to that of the previous one except th
the coefficient of the PTAT term is slightly different, 3

Rla

where V), is the diode voltage across diode d1. It is noted that R1
and R1b are equal and should be laid out to match well!

3.4 STATE-OF-THE-ART CURVATURE-CORRECTION
TECHNIQUES

The squared PTAT curvature-correction scheme, which yields
second-order references, is not the only technique used to cancel the
higher-order components of the diode voltage. Other design ap-
proaches, in fact, can be adopted to effectively perform curvature
correction, yielding both second-order and higher-order circuits. Some
of these other methods will be explored in the following subsections,
ranging from a temperature-dependent resistor ratio technique and a
p-dependent voltage approach to ultimately exacting cancellation
techniques. These, of course, will be analyzed and compared for
performance and versatility.

3.4.1 Temperature-Dependent Resistor Ratio

A nonlinear component can be generated by exploiting the tempera-
ture dependence of different resistors in a given process technology.
Typically, circuit designers attempt to mitigate the effects of the
resistors’ temperature coefficient (T'C) since they are considered para-
sitic to the design. Figure 3.8, however, illustrates a technique where
the TC of different resistors is used to compensate the higher-order
components present in a first-order bandgap cell. The goal is to create
a squared PTAT voltage without significantly increasing overhead.
Typical implementations of the squared PTAT voltage are more
complex and require more quiescent-current flow. The reference
voltage of this sample circuit is
AVgg BV, BV,

Vie=——"R,+ —R,+ —R,;, 35
ref R1 4 R2 4 Rz 3 ( )

Vref
Riype-2

=+TC
Riype-1

R4, R, R4 = Ryype-1
R3=Riype-2

Figure 3.8 A temperature-dependent, resistor-ratio, curvature-corrected reference.



where 4 and B are constants, V, is the thermal voltage, and all the]]
resistors are constructed using the same type of material, except for
resistor R;. The ratio of resistors R, and R, must be roughly linearly;
positive to generate the desired squared PTAT dependence. Towardi
this end, a survey of the process technology is necessary to ascertain
there are any resistor-candidates that match the identified criterias
For instance, a low TC resistor can be used for all the resistors excepg]
for R;, which should have a relatively large positive TC. Conses
quently, the first two components of the reference voltage relatio;
achieve first-order cancellation while the third term introduces cu
ture correction.

The advantages of this technique over typical squared PTAT re
izations are reduced overhead and simplicity. Only one additio
resistor is necessary to convert a first-order bandgap reference into §
second-order circuit. There is no significant cost, if any at all, incurreg
in quiescent-current flow or silicon area. The circuit, however, suffer
from a subtle disadvantage; namely, the large mismatch between t
two types of resistors used must be taken into account in the design of
the trim network. This means that more bits of trim may be required]
The circuit also exhibits a more significant disadvantage in that th
design is highly dependent on the process. The process technol
must have two types of resistors whose ratio yields a linearly posit
TC. In the end, the design of the squared PTAT coefficient va
substantially from process to process due to inherent differencd
in technology; however, the circuit realization is simple and cof
effective.

3.4.2 Diode Loop

The curvature-correcting component of a high-order bandgap ref
ence can also be effectively generated through the use of differ
temperature-dependent currents and a diode-voltage loop [7].
circuit realization of this particular technique is illustrated in Figun
3.9. Nonlinear current component I, is defined by different temp
ature-dependent currents and by a transistor loop comprised of gn
qn2, and R,,

2IPTAT
Ry \Iy, +1 ’

constant

3 Output Current Mirror: (Iy .+ INL)

Ipyar

Vref

1 constant

<
<n

qn2

Figure 3.9 Diode-loop curvature-corrected method.

where I, ... is @ current whose temperature dependence is Flomi—
nated only by the temperature coefficient of the resistors used in the
circuit. The nonlinear temperature dependence of voltage Iy; Ry(Vy,)
is designed to cancel the effects of the higher-order components
introduced by the base-emitter voltage of qnl,

7 Vae® Ve
Vo Yem P e 3y
R, R, R, R,

=Iprar + 1, + 1y, =

constant Vee

where I, (I,) and 4, (A,) are the collector current and area of qnl
(qn2), respectively, V7 is the thermal voltage, and R, and R; are
chosen appropriately. Current Iy, is a logarithmic function of itself,
therefore it exhibits a nonlinear behavior. The resulting reference
voltage for this circuit (V) is

V=1 (3.8)

T constant

Rl = R—ZVgO.

This circuit is suitable for low-supply-voltage applications. The
headroom limitation is ultimately defined by a diode-connected de-
vice, a drain-source (collector-emitter) voltage, and a relatively sma!l
Tesistive voltage drop, which results in a voltage headroom limit



ow than the previously sug
veyed squared PTAT scheme; in other words, this circuit has mog

current-sensitive paths to ground. A physical realization of this partig

ular reference achieved a TC of approximately +3.0 ppm/°C with}
total quiescent current flow of 95 LA [7]. ]

3.4.3 B Compensation

The exponential temperature dependence of the forward-current gai
(B) of NPN transistors can be exploited to correct the nonliney
behavior of the diode voltage, B o e~/ 7 [g]. Basically, current gainy
increases exponentially with rising temperatures, which is equiva
to saying that bipolar devices become stronger with ascending tempe

PNP device version), or by modifying another first-order bandg

reference to adopt this technique. The resulting reference voltage
this circuit is

BT 4
Vet = _(AT+ ?)R_VBE7 39

where A and B are temperature-independent constants and T ;
temperature. The current sources (or current sinks) fall under i
proportional-to-absolute temperature (PTAT) category; thus, they c4

Figure 3.10 Curvature-corrected bandgap reference I=
using a B-compensating scheme.

pe represented with a linear first-order re:lations.hip.1 Th:fdc;gl?ésirsé
: i its of being simple a
heme reaps the benefits o ving

co e rall ith 1 iescent currents. The lower limi

verall performance with low qu Lot
O?[ﬁeo powerpsupply voltage (difference b_etween extreme suppgfesi hle
of oximately 1.5 V. This limit is derived from the sum of Ihe
apfp I;rence voltage and the voltage across the current sources, whic
res(:;ntially a drain-source (collector-emitter) voltage drop.
es

3.4.4 Piecewise-Linear Current-Mode Technique

The basic theory behind the curvat‘ure-correct.ing comporierrl; (I)If 2
dgap reference is that it must increase with temperatu n 2
e r fashion. In other words, its dependence to temperatur
nonltm}?;ve equal or higher than second-order components. For the
2122 of the squared PTAT technique, the non;inegr co::lﬁ)ggggrtlthfl;hz
— -order ¢ .
quadratic dependence to temperature sectoinel orexponentia1 . The
ponlinear current, though, can be' alternatively ential or &ver
i ise linear. The circuit in Figure 3.11(a) exemplifies ‘
g;ec\ivl:ilch nonlinear current Iy, is generated [9}3: hCurcrinrtt b};gz}g al;
used as the curvature-correcting component of a high-or
refeir"e}lrteciircuit generates current [y, through a cgrren?-m?gza(r)pf}r}?e
tion. Its resulting dependence to temperature is plecewise 1n . 0;1 e
technique is based on the nodal subtraction of currents a

mp1 = NonSat mp1 = Sat
mp2 = off | mp2=on

{

|
=
g
5
© !

|

i ! 1 .
Temperature
-0 Imp1
@ ®

. Lo i . ot
Figure 3,11 The generation of a piecewise-linear curvature-correcting curre



lower half of the temperature range, PTAT current Topar is less thag
the supplied Vy.-dependent current (1, ) if device mpl were W
operate in the saturation region. However, mpl actually operates j
the linear region supplying only Iprar; thus, mp2 does not cond
any current. For the upper half of the temperature range, Il
becomes larger than the theoretical value of I, . Consequently,

becomes saturated and supplies current I, thereby forcing mp2
source the difference. The resulting current through transistor mp
nonlinear—practically zero during the first half of the temperat

range and nonlinearly increasing throughout the latter half.
relationship is described by

0 IVBE 2 IPTAT
K Iprar — K,1, I

I, =
N 2
Vae <1 PTAT

where K, and K, are constants defined by the ratios of the mirror
transistors defining I,.,; and I, .

Ultimately, curvature correction is achieved by combining the thre§
temperature-dependent elements of Figure 3.11(b) to yield an out
voltage with reduced temperature-drift variation. From the practi
design standpoint, the temperature range is partitioned in two: (1) t

Iy
-~ Iptar _ -
\\\\\\\
\\\ /’/’
-
u 3¢
— ~ I
- | ~ NL/
IS —— | N -
e~ L ’,,\—-\:
Shmee e N
3 | "
| ~
|
, Vref
1 n L

Temperature
Viet = (AIVBE + Blpyar + CInL)R

Figure 3.12 Temperature dependence of the piecewise-linear curvature-correctedg
bandgap reference.
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¢ for which the nonlinear current is zero and (2) the range for
raqgh the nonlinear current is nonzero. As a result, thq referenc.e
o e V.. can be compensated to exhibit the behavior that is
VOlml%icallglefdescribed in Figure 3.12. The reference voltgge at _the
gy half of the temperature range behaves essen.tially like a flrst-
lov;er bandgap since the nonlinear component Iy, 1s z€ero. At higher
. ratures, the behavior is similar to that of the lower temperatures
tem}t)}fe operz;tion is not. The nonlinear dependence of Iy; (K Ippar —
but] ) is designed to diminish the nonlinear effects of the base-
K i'E/tBeEr voltage. Consequently, the addition of currents ALy, , Blyrars
emd CI,, at the upper temperature range generatgs a .curvature-
ggrrectéVdL trace whose behavior is d'epicted by Kef in Figure 3}5_
This figure assumes that the final implementation uses a a:rreare
mode output stage where temperature-dependent currents e
summed to flow through a resistor.. Needless to say, therc(:j are Ofer_
ways of introducing this piecewise-linear current to a bandgap re
ence circuit.

3.4.5 Matched-Nonlinear Correction

Up to this point, the approach to curvature cprrec.tion hashbegp ctlo
“compensate” and not to “cance}” the nonlinearity of t x}?'b'tl(;hz
voltage. In other words, the correcting component does notfe ! 1 (11 the
same dependence to temperature as the n_01_111near term of t e1 th le
voltage relationship. Diode voltage V;, exhibits the following relatio
ship:

=l ,

r

T T
Vp = Voo = 7| Veo — VD(Tr)] — (n—x)Vy ln(?), (3.11)

where 1, is the extrapolated bandgap voltage at 0 °K, T is tempera-
ture, V,f(oT,) is the diode voltage at room temperature T,, n 18 a
temperature-independent and process-dependent constant ranging
from 3.6 to 4, x refers to the temperature depen@ence of the current
forced through the diode (I, = DT, where D is a constant ancfl x
equals 1 for a PTAT current), and V7 is the thermal Vo.ltagc?. Thus_ ar,
the correction terms explored have not had the logarlthrl}lc relation-
ship required to completely cancel the third term of the diode voltage
Telationship.
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Figure 3.13 Matched-nonlinear curvature-corrected bandgap reference.

Figure 3.13 illustrates an approach where an attempt is made t
more accurately cancel the aforementioned nonlinear dependence,
This circuit is a simple and practical embodiment of the concep
introduced in [10]. The goal is to generate a voltage that has the
logarithmic temperature dependence of the diode voltage (T In T)
Intuitively, if the ratio of the currents flowing through a couple o
diodes were to be PTAT, then the voltage difference (AVy,) of the
devices is proportional to 7 In 7. Transistors qnl and qn2 in Figuré
3.13 exemplify this condition, :

Tprar
Vag = Vogr = Ve =V ln(

1 CTAT — 1 PTAT

K.\T
~ V;In ,

K, - (K, +K,)T (3'12
where V,, is the voltage difference between nodes “A4” and “B”,
Iprar has a linearly positive TC defined by temperature-independent!
constant K, and Icpar has a linearly negative TC defined by temper<]
ature-independent constants K, and K; (Ierar = K, — K;T). As @
result, the term within the logarithm has a positive concave relation+
ship with respect to temperature, as illustrated in Figure 3.13(b). T
premise for this behavior is, of course, that I.;,p is greater than

[prar throughout the temperature range and th_at the junctior} area of
gnl is greater than or equal to that of device qn2. Additionally,
transistors qnl and gqn2 must match well. Resulting term V5, though
not exactly equal, does exhibit a similar logarithmic dependence to the
ponlinear term of the diode relationship. As a result, the addition of
voltage V p to the first-order reference voltage V; converts the circuit
shown in Figure 3.13(a) into a curvature-corrected bandgap reference.
The shape of the curve of this higher-order reference is equal to that
of a first-order bandgap reference (concave with a single inflexion
point) except that the total temperature-drift variation is potentially
less than 10 ppm /°C [10].

Multiple V, voltages may be summed to the output to optimize
the nonlinear cancellation. This incremental summation would ease
the burden of generating a relatively large AVy, voltage in a single
V,5 cell. Incidentally, the temperature dependence of the term con-
tained within the logarithm can also be manipulated to more closely
resemble the logarithmic component of the diode voltage. This
achieves an even better approximation of the 7 In T component. For
instance, a T In T term is generated if the collector current of transis-
tor qnl in Figure 3.13 were to be constant. This characteristic is
achieved by forcing the tail current of the AV, cell (presently Irar)
to sink Ippat + Loonstane A first-order temperature-independent cur-
rent (I ,an) 1S designed by properly summing lppar and Iopar
Consequently, the new tail current is equal to K,Iprat + Icrars
where K, is independent of temperature. Constant K, is designed
such that the total tail current is equal to the PTAT current flowing
through transistor qn2 in addition to a first-order temperature-inde-
pendent current.

The circuit illustrated in Figure 3.14 is another realization of the
matched 7 In T concept for curvature-corrected bandgap references.
This version is a variation of the one proposed by [11]. The loop
comprised of resistor R, and transistors qnl and qn2 generates the
T In T dependence. The current flowing through resistor R is

I ==
RX

~ L]
M7

R X constant

VT In ( BIPTAT ) VT ( BIPTAT
I PTAT +1 CTAT

) « T In(AT), (3.13)

Where 4 and B are temperature-independent constants and I, a0, 18
a first-order temperature-independent current. Current 7, is summed
with the PTAT current, which flows through resistor R, thus effec-

tively adding the matched T In T component to the reference voltage
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Figure 3.14 Version 2 of the matched-nonlincar curvature-corrected bandgap referd
ence. i

relationship,

V.

ref

= Vpes + 2Ippar R + LR

RVT ( BIPTAT )
In .

= Vaes + 2lprar R + 3.

-y

R 1

x constant

Consequently, the following design relationship must be obeyed
effectively cancel the logarithmic component of the diode voltage: 8

RVT ( BIPTAT )
In

R 1

X constant

=(n—- 1), ln(%)

r

or

R

R (BIPTATT;'
= In
(m—1 T

Since Iprsr is directly proportional to temperature, temperature
contained within the logarithm is canceled. Current source I, and§
transistors mnl and mn2 comprise a negative feedback loop used tcf
regulate current I.. Unlike the previous example, this circuit does nof

Iconstant

of additional devices required to convert a first-order reference to a
matched-order version is relatively low. As a result, the additional
overhead of quiescent current is also low.

3.4.6 [Exact Method

Ideally, the correcting-nonlinear term of a high-order bandgap refer-
ence is “exactly” equal and opposite to the logarithmic component of
the diode voltage. The matched technique approaches it by attempting
to mathematically mimic the nonlinearity. However, the cancellation is
theoretically enhanced if the correcting-nonlinear term is itself de-
rived from a diode voltage. Consequently, the correcting term would
have all the same higher-order temperature-dependent components
that the diode voltage has. Figure 3.15 illustrates a circuit that strives
to innately cancel the diodes nonlinearity by manipulating the variable
x within the diode voltage relationship (equation (3.11)) to equal the
extrapolated process-dependent constant 7, which is approximately 4
[12]. The variable x is dependent on the collector current. When the
collector current for an NPN device is PTAT (I o T"), x is equal to
1. On the other hand, x is equal to zero when the collector current is
independent of temperature (I, o T°). This dependence to the tem-
perature behavior of the collector current is exploited by the NPN
diode loop shown in Figure 3.15. Temperature-independent current

I

constant
PTAT

@ Vref

VPTAT

<

Quasi-nonlinear term cancellation bandgap reference.

Figure 3.15



Leonstane 18 derived from the reference voltage itself. The PTAT curreng
flows through four diodes while the constant current flows through
three. The resulting reference voltage is described by

Vet = Verar + 4Vaeprar — 3V (3.16)

E -constant

where Ve prar and Vgp onoone are base-emitter voltages with Top,
and I . as collector currents, respectively. Furthermore, both
current densities must be equal at the reference temperature
T, (Vg prar(T) — Vg consant (T,) = 0). If the diode expression
equation (3.11) is substituted into this last equation, the referen
voltage becomes

T T
Viet = Verar + Vo — _T_[Vgo - VBE(Tr)] —(n -4 ln(‘f);

r

(3.17)

however, term (n — 4) approximately cancels to zero since 7 is roug
4! The remaining terms are only first order with respect to tempe
ture and therefore can be designed to cancel each other, yielding
theoretically temperature-independent reference voltage.

The performance of this circuit is limited by several factors: pr
cess-dependent constant 7 is, for the most part, a noninteger valuej
the power supply voltage is limited to be greater than roughly 4 V, ang
the TC of the output resistor must be low. If the value of 7 is not afg
integer, then exact cancellation of the logarithmic dependence of thef
diode voltage cannot be achieved. Furthermore, I, . ceases to be
independent of temperature if an output resistor with significant TC i
used. Nevertheless, the circuit provides an accurate reference volta
with potentially low quiescent-current flow. The most important draw4
back, however, is that the circuit topology is not appropriate fof}
low-voltage applications, which are currently driving a large portion off
the market demand. This disadvantage results because of the stack off
multiple base-emitter voltages,

Vio = Vprar + Ve + V.,

current-source

~4-5V,

where 1}, is the input power supply voltage and V,

current-source

voltage overhead associated with the current source (source-drain 0'
emitter-collector voltage). “ ]

Figure 3.16 Quasi-exact low-voltage bandgap reference.

Figure 3.16 illustrates an exact reference that circumven.ts the
limitations of m and supply voltage, which were prevalent in the
previous circuit. The input voltage must exceed 4 V and 1 must be an
integer value for the circuit in Figure 3.15 to operate properly. Qn the
other hand, the minimum supply is lower and 7 can be any noninteger
value in the circuits shown in Figure 3.16. Transistors mnp and mnc
are natural NMOS devices; natural n-type MOS transistors exhibit a
typical threshold voltage of 0 V. They do not have to be natural
devices but they are chosen as such to exploit their low voltage
characteristics. These transistors sense the current flowing through
the resistors tied across the base and emitter of qnp and gnc. Conse-
quently, applying Kirchhoffs Current Law (KCL) on the output de-
rives the reference voltage,

Vorp _ Vare
R R

14 c

(3.19)

Vet = Tprar Ry + (Rol + R02)’

T

where Vy,, and Vg, are the base-emitter voltages of qnp anc_l qne,
respectively. The current flowing into the collector of gnc is the



summation of lpray and Vg, /R,, which is designed to yield al
first-order temperature-independent current. As a result, substitutin
equation (3.11) into (3.19) while taking into account that qnc’s colle
tor current is PTAT (x = 1 in equation (2.11)) and qnes collecto
current is temperature-independent (x = 0 in equation (2.11)) yield
the following expression for the reference voltage:

Vet = IPTATRo] +

X

T
I/go - _]_-v_[l/go - VBEp(T‘r)])

-1 m
R R,

p

(3.2048

T
(R, + R,V In T

r

where Vy -, is designed to equal V. at reference temperature T, (samy
current density at T: Jprar + xlz, = (Iprar + Vg, /R,) =+ 2xl7). Ty
completely eliminate the temperature dependence of V,,, I PTAT'RO1 i
designed to cancel the linear temperature component of the base
emitter voltage while the following design relation is formulated te

cancel the nonlinear dependence:

=Y = _,
R, R,
or
R, n
R, (m-1)°
thus
1 1
I/ref = I/go R—p - _ﬁz (Rol + ROZ)
R, +R
=Vgo( n _1)( ol 02);
(n—1) R,

the TC of the reference voltage has been exactly canceled for an
value of 7! J

In summary, the resistor values are designed to establish the
quiescent-current flow through the circuit (R,), to cancel the logarith-
mic term of the base-emitter voltage (R,), to cancel the linear term
(R,)), and to set the desired value of the reference voltage (R,,).
Figure 3.16(b) is simply a low-voltage version of the one in Figure 3.16
(a). The minimum supply voltage is approximately 2.7 V 2V, +
Vs -Natural Vos-Nawral T Vsgpmos = 1.4 + 02+ 02+ 09 V) and 1.8 V
(Ver + Vosawra + Vscemos = 0.7 + 0.2 + 0.9 V) for the circuits in
Figure 3.16(a) and (b), respectively. The cost of reducing the minimum
input voltage for version (a) is additional quiescent-current flow;
version (b) is less power efficient. The minimum supply voltage varies
with temperature, but only slightly, since the TC of Vj, (negative)
tends to cancel that of Vi, (positive). Furthermore, 7 can be any
noninteger value and the circuit can still be designed to yield a
theoretically exact reference voltage (potentially to achieve less than
3 ppm/°C).

Table 3.1 shows a qualitative comparison of the different curva-
ture-correcting techniques surveyed. All the techniques can potentially
achieve a temperature-drift variation of less than 20 ppm/°C. The
table, however, gauges them for their worthiness with respect to
quiescent-current flow and headroom limit. These characteristics are
especially intrinsic in todays market, where battery-operated circuits
play an important role. The driving market, as a result, seeks circuits
that have low quiescent-current flow and are operable with low input
voltages. The additional number of current-sensitive paths required to
transform a first-order into a higher-order topology gauges the cate-
gory of quiescent-current flow for the purposes of this discussion. The
techniques that can potentially yield reference voltages lower than the
typical 1.2 V are considered to be low voltage. This categorization

TABLE 3.1. Qualitative Comparison of the Curvature-Correcting Techniques Surveyed

Technique Quiescent Current Input Supply Voltage
Tflmp. dep. resistor ratio Low Low

Diode loop Moderate Low

B compensation Low Moderate
Piecewise linear Low Low
Matched: version 1 Moderate Moderate
Matched: version 2 Moderate Moderate
Exact: version 1 Low High

Exact: version 2 Low Moderate




is used because the fundamental supply voltage limit of a 1.2
reference is approximately 150 to 300 mV above 1.2 V, which resul
from typical headroom limitations. Circuits whose inherent headroom
limitation restricts operation to input voltages significantly larger th
1.2 V are considered high voltage. As such, the best two topologies foi
low quiescent-current flow and low voltage are the temperature.
dependent resistor ratio technique and the piecewise-linear curren
mode method. The second version of the exact method, however, cg
theoretically achieve the best TC performance with a moderate supp
voltage limit of 1.7 V. All these circuits employ current-mode tec]
niques that are relatively simple to realize. Current-mode techniquegf
in general, reap the benefits of yielding reference voltages lower tha
1.2 V.

3.5 SUMMARY

References fall into one of three categories when considering tempey
ature compensation, that is, zero order, first order, or curva
corrected. When a naturally existing voltage is used as a refere
without any attempt to cancel its temperature dependence, it is said
have zero-order compensation. When the first-order term, with
spect to temperature, is canceled, though, its order increases by §
Finally, correction of the second-order and higher-order terms con
tutes a curvature-corrected reference. Since the electrical characte
tics of p-n junction diodes are repeatable, predictable, and w4
characterized over a wide range of currents, diodes are comm
used as the core elements of most first-order and higher-order re
ences; they are the basic naturally existing voltages chosen. Becaus
its inherent dependence to the bandgap of silicon, they are appro
ately called bandgap references.

Most high-order precision references compensate the nonlin
temperature-dependent characteristics of the diode by summing
artificially generated nonlinear component. The temperature dep
dence of this nonlinear term is not necessarily equal to the nonlin
ity of the diode voltage, or whatever naturally existing voltage is w
to define the reference. The correcting term, for instance, can
proportional to the square of the temperature while the nonlinear
of the diode voltage is actually proportional to a logarithmic exp
sion of temperature (T In T, where T is temperature). Better perfof
mance is attained when the correcting term is desiéned to mimic t,

ponlinearity of the diode (i.e., match T In T). Well, a genre of curva-
ture-correcting circuits goes one step further and attempts to exactly
cancel the nonlinearity by deriving the correction component from the
diode voltage itself. In the end, though, absolute and exact cancella-
tion is not really possible because of all the parasitic elements present
in the circuit. Approximations are consequently made by exploiting
the TC of resistors, B (forward-current gain for bipolar transistors),
the diode itself, and even the nonidealities of three-terminal devices
as when transitioning from the off-region to the on-region.

Due to stringent design constraints in today’s system environments,
high-order circuits, and even first-order circuits, must also account for
the effects of power supply voltage variations as well as of the
electrical parasitics present in the integrated circuit and the system at
large. Some of these parasitics include resistor tolerance, resistor
mismatch, transistor mismatch, leakage current, package drift, power
supply noise, and ground bounce. These adverse effects are addressed
at every level of design, be it circuit, layout, or trim. The next chapter,
as a result, discusses these issues and other practical concerns that
must be considered when designing real practical references.
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CHAPTER 4

| e

DESIGNING PRECISION
REFERENCE CIRCUITS

A precision reference is not merely a temperature-compensated volt-
age, or current; it is supposed to be a transiently stable temperature-
compensated circuit whose output is impervious to variations in
process, supply voltage, load, and noise. Accuracy, as a result, de-
pends on several factors, one of which, of course, is temperature.
Well, the dominant trend for the past several years has been toward
higher accuracy under an environment that is increasingly more strin-
gent and harsh. Thoroughly integrated mobile battery-operated solu-
tions, like laptops, pagers, cellular phones, and the like, are partially
responsible for this market direction. Since mobile units have strict
space limitations, the number of batteries and the number of discrete
integrated circuits (ICs) are low. The packing density of each IC must
therefore increase accordingly to accommodate the space-efficient
requirements of the design, which means finer photolithography.
Operating voltages are low, as a result, not only because of a reduced
Number of battery cells but because of lower breakdown voltages,
Wwhich is the ultimate consequence of a fine layout pitch. Effective
dynamic range is also low with lower operating voltages. This effect
Tesults because noise floors do not decrease proportionately with
Supply voltage, a fundamental reality. The effective reduction in
dynamic range forces the requirements of the circuit to be stricter [1].
In the end, precision references are in high demand! Though this
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demand does not, and will not, apply to all applications, its trend hag
been, and will be, increasing in the future since the thrust of technoll
ogy is toward higher integration of increasingly complex systems.

The actual design of the reference must cater to the particula
needs of the application and the process technology. It must consideg]
process technology, load, systematic noise, input voltage characteris'
tics, and so on. Typically, the load, unlike that of a regulator, will not}
vary significantly but will still impose significant design constraints
the reference. Systematic noise is another source of concern for it may
be directly injected through the load, which transiently affects t
accuracy of the reference. Systematic noise may also be inject
through the power supply. Sudden changes in the load of the inpy#
supply itself, like the ones caused by digital circuitry, cause thesd
transient variations to occur. The power supply rejection (PSR) pe
formance of the circuit determines the vulnerability of the circuit
noise injected through the input supply. Incidentally, steady-sta
changes in the supply voltage also affect the reference. These effec
in particular, are termed line regulation effects, where line refers
input supply voltage.

The preceding chapters have mainly dealt with the design
temperature-compensated references. This chapter discusses how 4
convert these references into precision circuits. Toward this end
discussion on process-dependent variations and nonidealities is fir§
offered. The induced errors illustrate some of the design challenged
encountered in fabricating a real-working integrated reference circul§
as well as some of the resulting layout and circuit implication$
Ultimately, issues like load and line regulation effects are considen
and taken into account when designing the circuit. Examples arf
presented to aid the reader in understanding the practical issuél
discussed.

4.1 ERROR SOURCES

As the specification requirements become more stringent, the errof§
become more critical in a design. These errors are addressed at ever§
level of design (i.e., system, circuit, and layout). Their negative effect
on references manifest themselves in the temperature coefficient ani
in the absolute value of the actual reference voltage (V.;, A
value where the temperature-drift performance is at its best). Sever#
factors affect these two characteristics and they include, among ot

ers, mirror mismatches, resistors’ tolerance, resistors’ temperatu.re
variation, Early voltage, channel-length modulation, resistor mis-
matches, transistor mismatches, package drift, and input offset volt-
ages (if operational amplifiers are used).

The extent of the effects of the errors on performance depends on
the particular circuit. These inaccuracies are not really as important in
zero-order references as they are in higher-order references because
the temperature drift is already expansive in low-order references.
The parasitic errors become more significant as the order of correc-
tion is increased, though. A discussion of all the errors is not possible
due to the various reference topologies that exist. However, most of
the dominant errors can be traced down to the basic building blocks of
the reference (i.e., diode voltage, PTAT current generator, etc.). As
such, the following section will discuss the errors associated with a
popular topology—the Brokaw cell.

4.1.1 Qualitative Effects

The vulnerable areas for temperature-drift performance are the actual
diode voltage and the correcting terms that are summed to the diode
voltage to generate the reference, i.e., PTAT and PTAT? (if applica-
ble) voltages. The culprits are the resistors and the transistors—in
particular, their mismatch errors, their tolerance over process, and
their temperature-drift performance. The area that is most susceptible
to these errors is the PTAT current generator and the actual stage
that defines the reference voltage. Figure 4.1(a) is a generically
common circuit that can be used to study the negative effects of the
parasitic effects mentioned. For simplicity, the curvature-correction
scheme is ignored (IZ;,r). A full derivation of the effects of these
errors on the actual reference voltage is shown in Appendix A.4.
Table 4.1 shows the results of that analysis.

Resistor mismatch refers to relative percent differences in value
among resistors that are theoretically equal. This type of error affects
the reference by changing the coefficient of the PTAT voltage term,
Wwhich is the voltage across resistors R1 and R2. The PTAT voltage
gain factor is defined by a resistor ratio, sum (R1 + R2) to R.
However, this ratio deviates from its ideal value by the mismatch
characteristics of the resistors, thereby altering the reference voltage.
This percent mismatch can be somewhere between 0.1 and 5%,
depending on the material used to create the resistors as well as on
their physical layout properties within a given process technology.
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Figure 4.1 Curvature-corrected bandgap circuit.

Tolerance, on the other hand, refers to the absolute percent diffe;
ence between the theoretical value and the real fabricated value.
such, the tolerance of resistor R also affects the reference. It affec
by changing the absolute value of the PTAT current, which flov
through transistor qnl to define its base-emitter voltage. The bag
emitter voltage is a function of the PTAT current, which is a functic
of the tolerance of resistor R. This tolerance, unfortunarely, can
anywhere between 10 and 30%. It is noteworthy to mention, thoug
that large changes in current will lead to small changes in base-emitty
voltage because of its exponential relationship. As a result, the effec!
of resistor tolerance are not as dominant among all parasitic.

Mirror mismatches, similar to resistor mismatches, refer to relati
percent matching errors between one transistor and others. The!
kinds of errors ultimately affect the base-emitter voltage of th
bandgap circuit core, just like resistor tolerance. The similarity
resistor tolerance is because the current flowing through transi
qnl is offset from its ideal value by the inaccuracy of the mirrG
Errors in the current mirror also affect the PTAT voltage term of t
reference, which is, again, the voltage across R1 and R2. This prop
gation of the error is because the current flowing through resistors
and R2 is deviated from its ideal value. Its ideal value is the sum"

TABLE 4.1. Parasitic Effects on the Relationship of the Ideal Reference Voltage

Basic Relation:

v,

T

o = Vaer + 2lprar (R1 + R2)
RELATIVE PERCENT MISMATCH (RESISTOR)

(R1+ R2), = AR(1 + &zR) Viet-x = Viet T 2dpraT (R1 + R2) 8z p
ABSOLUTE PERCENT MISMATCH (RESISTOR)

R, =R(1 + 8 4) Viet-x = Ve = Vi 8z 4

MIRROR PERCENT MISMATCH
— M
ICl = IC2(1 + SM) I/ref-x - Vref + VTE-C—

5
+1,,m(1 + %) 8y (R1 + R2)

NPN MISMATCH
’SNPN 2VT SNPN
x:C(1 + Snpn)x Viet.x = Vieg + VTW + T(Rl + R2)
NPN EARLY VOLTAGE (FINITE OUTPUT RESISTANCE)
V
C(l CE2 )
T Va
I = —In
PTAT- x R 1 VCEI
Vi
I - X
Viet.x = Viet + Vrln( TTAT )
PTAT
vV,
1+ CE2)
Vr v,
+2—(R1 + RYIn| ————
R CE1
1+
(1 52)

RESISTOR’S TEMPERATURE COEFFICIENT
R(T) = R(I)[1 + A(T - T,) + B(T - T,)?]

V,

ref-x =

V

¢!

¢ — Ve[l + A(T — T,) + B(T - T,)?]

.0

4.2

4.3)

4.4)

4.5)

4.6)

“.7n

(4.8)
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two equal PTAT currents; however, the resulting current is actuall

the sum of two slightly dissimilar currents. The extent of the mlsmatc
depends on how the mirror is built. It can range from 0.5 to 5%
mismatch. Bipolar devices generally yield better matchmg perfory
mance than MOS transistors. Both types of devices can improve theij
matching characteristics, though, by using emitter or source degeneraj
tion resistors. Relying on resistors assumes, of course, that the resisg
tors themselves can be laid to yield better matching performance}
which is typically a safe assumption. The output resistance of thd
mirror, its invulnerability to changes in collector or drain voltages, alse
affects the accuracy of the mirror. (Early voltage and channel- lengt ‘
modulation effects for PNP and PMOS transistors, respectively).

different type of mirror concept can be implemented whereby
resistor load and an operational amplifier is used instead, as shown if
Figure 4.1(b). In this latter configuration, the mismatch error wou f
be a function of the resistors and the input offset voltage of t
operational amplifier. 4

The actual matching capabilities of the NPN devices defining t :
PTAT current—transistor mismatch between qnl and gn2 or d1 a
d2—are intrinsic for prec151on references. The consequence of mig
match in these two devices is an offset voltage. In other words, givey
the same current density and collector-emitter voltage, the bass
emitter voltage of these devices differs by an effective offset voltag
This voltage is superimposed across resistor R. As a result, the PTA}
current changes, thereby altering the basc-emitter voltage as well
the voltage across resistors R1 and R2. The offset voltage can ran,
from 0.5 to 5 mV depending on the physical layout and pro
constraints. The Early voltage of these devices similarly affects
reference. Given equal current densities and different collector-emi
voltages, the base-emitter voltage of two devices will differ. As
result, an error in the PTAT current is generated, which similari
affects the base-emitter voltage as well as the voltage across R1
R2 (PTAT voltage).

Assuming that all resistors are fabricated with the same material§
the temperature coefficient (TC) of resistors R1 and R2 cancels the
TC of R. They essentially cancel because sum (R1 + R2) is divided b Dy 5
R, the denominator within the PTAT current relationship. Howeves§
the temperature coefficient of resistor R does affect the base-emittes
voltage. In fact, the current flowing through the collector is not t ;.
PTAT because of this vulnerability to R. In other words, the TC ol
resistor R affects the TC of the PTAT current. Since the base- emltt

yoltage is a function of the PTAT current, the TC of the base-emitter
voltage is also affected.

Example 4.1: What is the total effect of the following on the refer-
ence voltage of Figure 4.1(2)?

+ 1% resistor mismatch (8zg),

+20% resistor tolerance (8 4),

+5% current mirror mismatch (8,

+2% NPN transistor mismatch (Sypy),

50 V NPN transistor Early voltage (V,), and

500 ppm/°C resistor TC with a 0 ppm/°C? quadratic depen-
dence.

SN i

Assume that C = 10, VT =00258 V, Ve =4 V, Vep1 = Ve =
065V, (R1+R2)+R=35, and only first-order correction is imple-

mented (pparz = 0).

1. Resistor mismatch:

VyInC
_ =~ . Vv
| 2( R ) (R1 + R2) &g +5 9300 K m
2. Resistor tolerance:
I/error—2 = —VT 8RA = _—|-5‘2 300 OK m
3. Current mirror mismatch:
Sy VyInC Om )
=V, —— 1+ —16,(R1 +R2
I/error-?a -~ VT lIl C + ( R ln C M( )
. mV
3 +15.7 300°K
- AV
151 300°K m



4. NPN transistor offset voltage:

Onen | 2Vr ey
Vircora = Vi — + T(Rl + R2) = +5.4

300 °K

5. Early voltage:

clr 4 Ler
, _n v, 61T
PTAT-err ~ =
R Ve R(300°K) ™A
Vi
Thus,
1%
¥ e 2
Virors = Vp In—a 2 4 2 T pg — AL
s T V, nC R (R1+ R2)In Vo
= 1+
Vy
~ 172
300K ™Y

6. Resistors’ TC:
I/error-6 = -V 111[1 +A(T - Tr) + B(T - Tr)2]

=~ —258

350 nl1 + 0.0005(7 — 300 °K)] mV

Thus,

6
Vao(T) =1 L Viror n(T)
n=1

~V5.92+ 522+ 157 + 542+ 1722 mV = 252 m

é.;

mv

It is evident that Early voltage of the NPN transistors (V. s) and
mismatch error of the current mirror (V.. ;) have the biggest impact
on the reference voltage. Some errors like resistors’ TC, Early voltage,
and lambda (channel-length modulation parameter) effects can be
readily modeled by most simulators. Applying equivalent offset volt-
ages can also simulate tolerance and mismatch errors. For instance, a
transistor mismatch error can be translated into an equivalent voltage
offset error, which, in turn, is superimposed and added to the circuit.
This offset voltage macromodel should exhibit the appropriate tem-
perature dependence, derived in Appendix A.4 with equation (A.4.15).
Ultimately, painstaking effort is dedicated to the design of the mirror
and the overall physical layout of the circuit. It is important to note
that most of the errors have a dependence to temperature and all
tend to be either PTAT or CTAT in nature, assuming that the errors
themselves are not temperature-dependent. Errors such as resistor
tolerance Oy 4, resistor mismatch &gz, mirror mismatch §,,, and NPN
transistor mismatch 8ypy are mostly a function of process and associ-
ated constraints in photolithography and therefore tend to have little
dependence on temperature. As a result of this tendency, the variant
factor in a trimming algorithm should be the PTAT component! The
trimming resistor for the circuit at hand should therefore be R2
(assuming that Ippar2 is zero). Early voltage and lambda effects may
exhibit some variation over temperature but this may be included in
the model of the appropriate transistor. In the end, however, a full
characterization of the circuit may be necessary to reveal the best
operating point of the reference voltage, value for which V,; exhibits
the best temperature drift performance.

4.2 THE OUTPUT STAGE

The output stage of the reference is designed to cater to the demands
of the load for a given application. As such, the circuit may take one
of several forms ranging from a purely voltage-mode or current-mode
t0 a mixed-mode topology. Within the present context, mixed mode
refers to circuits employing both voltage-mode and current-mode
circuit techniques. Additionally, the output of the reference can either
be regulated or unregulated, depending, again, on the loading de-
Mmands of the system. In the end, the load and, of course, headroom
limits define the output structure that is best suited for a given design.
For instance, an unregulated current-mode output stage may be
acceptable for a design that does not require a low-impedance output.



If the load of the output is a large capacitor and its demand for
steady-state current is nonexistent, there may not be a need for a |
low-impedance output. In this case, noise generated by other circuits |}
is effectively shunted to ground via the large capacitor, thereby not }
degrading the accuracy performance of the reference during transient 4
load-current events. Finally, the output stage is also dependent on the §
nature of the reference circuit itself. A system may not demand a §
regulated output, but many circuit topologies inherently require a
regulating loop to establish the reference voltage. The following 4

sections address the design considerations and limitations of each type
of output stage.

421 Voltage-Mode

Historically, a voltage-mode output has been the most common tech
nique used in reference circuits. This tendency results because the
basic temperature-dependent element within the core of reference
circuits is typically a voltage (i.e., Zener diode voltage). Currents are,
for the most part, derived from these characteristic voltages. A volts
age-mode output, as it pertains to references, is characterized by the
sum of temperature-dependent voltages. Most zero-order, first-order;
and even higher-order bandgap or Zener references adopt a Voltage;;;,
mode output stage. Figure 4.2(a) illustrates the typical output struce
tures of first-order Zener and bandgap references. The positive
temperature coefficient (TC) of the Zener diode or, alternatively, the;
positive TC of the proportional-to-absolute temperature (PTAT) volty
age roughly cancels the negative TC of the forward-biased diode
voltage.

I
Viet Vies Ipwar Vg Inp

+
VBE VeTar l IpTaT

@ Vet
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VZEner Ver

(a) (b)

Figure 4.2 Output structures: (a) voltage-mode and (b) current-mode.

The voltage-mode approach has the advantage of being simple. In
the case of bandgap references, the output is trimmed by merely
changing the size of a resistor. This introduces a PTAT trim voltage,
which is the general dependence of the offsets in the circuit as
discussed earlier in Section 4.1. Moreover, the basic temperature
component of the circuit (the diode voltage) is used directly in series
with the output voltage, thereby not introducing additional errors. In
the end, the diode voltage itself, not its derivative, is used in the
output to generate the reference voltage.

The market is driving power supply voltages down, thereby creating
jower headroom limits. The thrust for this trend is driven by low-volt-
age applications as exemplified by battery-operated products. As a
result, typical Zener references are not suitable for this environment
because of their inherent high operating voltages (i.e., between 5 and
7 V). Similarly, bandgap references are appropriate for input supply
voltages exceeding approximately 1.5 V, which corresponds to 300 mV
(MOS transistors drain-source or bipolar devices collector-emitter
voltage) above a bandgap voltage of 1.2 V. This latter limitation does
not present a problem for most systems whose present market de-
mand is driven by battery and breakdown voltages greater than 2.5 V.
However, single battery-cell operation and lower breakdown voltages
will eventually require the reference to operate at supply voltages of
roughly 1 V. A typical single nickel-cadmium (NiCd) or nickel-metal-
hydride (NiMH) battery cell has 1.5 V at its output but its voltage will
decay to about 0.9 V before totally collapsing [2]. In applications that
use such a battery supply, a reference voltage between 0.5 and 0.7 V is
desired. Unfortunately, the fundamental limit of the bandgap
voltage-mode topology is 1.2 V.

4.2.2 Current-Mode

Reference voltages lower than 1.2 V can be achieved by implementing
a current-mode approach. The technique, unlike its voltage-mode
predecessor, relies on summing temperature-dependent currents into
a resistor as shown in Figure 4.2(b). The current components, as is the
case for most curvature-corrected bandgap references, are PTAT,
base-emitter voltage derived, and nonlinear (I, ). The product of the
sum of the currents and the resistor determines the value of the
output voltage. Consequently, the output voltage for this configuration
is sufficiently flexible to accommodate a wide range of values ranging
from a few millivolts to several volts. For this case, the PTAT current
is typically trimmed instead of the output resistor to ensure a PTAT



and embodied in the bipolar low
Figure 3.9 of Chapter 3. When
dependence of the resistor is mostly canceled by the inherent natur
of the currents. The currents are inversely proportional to resistor:
whose TC is equal to the output resistors, assuming they have bee

-voltage reference design shown i

fabricated with the same material. Thus, the resulting reference

voltage is dependent on a resistor ratio whose TC is independent o
the resistors’ TC. Appendix B.4 illustrates a mathematical derivatio
that supports the aforementioned claim. However, 1ow-TC resistors
are still preferred because of the adverse effects on the basic genera

tion of the PTAT current and the base-emitter voltage, as discussed i
Section 4.1.

4.2.3 Mixed-Mode

The benefits of a current-mode and a voltage-mode topology can be
combined to generate a widely flexible structure. Such a structure i
illustrated in Figure 4.3. The resulting architecture complements the
basic current-mode topology with a voltage-mode resistor ladder. 1
cssence, currents and voltages are summed to generate the output
reference voltage. The current-mode approach offers the possibility
lowering the value of the reference voltage while the voltage-modk
ladder provides enhanced flexibility for temperature compensation.
low-voltage reference is therefore realized whereby the individu
temperature components can be further optimized during the trim
ming process. The relationship of the reference voltage for this case

Figure 4.3 Mixed-mode (both voltage-mode and
current-mode) output topology for references. \

designed properly, the temperature §

described by

V,

et =1y, (R + Ry + R;) + Iprar (R + R,) + Iy Ry, (4.10)
where I, , Iprar, and Iy, correspond to the base-emitter, 'the PTAT,
and the nonlinear temperature-dependent currents respectively.

4.2.4 Regulated versus Unregulated References

A regulated reference uses a feedback loop to minimize the varxatlt(?ns
of the output voltage with respect to its load and its operating
conditions. An unregulated reference, on the other hand, is more
vulnerable to variations in the load, such as the case for changles 13
load current. Essentially, the output .res1s.tance of an unregu ate
circuit is relatively high. If large variatx.ons.m' loaq current still czliuse
small changes in output voltage, the circuit is said to be a regu att)?r
and not a reference. In summary, a circuit that generates a Sti.i €
voltage and (1) can only supply currents of less than 1 uA is a
reference, (2) can supply currents between 1 and 100 pA is a regu-
lated reference, and (3) can supply currents greater'than 100 pA is aE
regulator. This is how a regulator circuit is chffefentlated from that o
a reference. The regulated reference gpproprlat.el).' belongs to tl}e
family of references because its regulating loop is integrated within
cell itself.

thel\zglsltd%l?ggrated systems adopt a regulated r.eference topology to
minimize the effects of noise injection. The low impedance assoc1f1ted
with the regulated output makes the referfance ygltage relatlve!y
insensitive to broad-spectrum noise as well as insensitive to systematic
noise transients. The fact that it can provide st.ead'y-state current is
not typically the overriding concern ir} these applications. Thmi)gh they
can provide some current, they are still not used as regulators ecause
the load-current range is larger and tl}e load-impedance range is
lower for applications where a regulator is warranted. Regulators ar;c1
typically required to be stable over a broad load-capacitor range a1}11
over a large equivalent series-resistance (ESR) range. ".Fl'le ESR is the
series-parasitic Ohmic resistance that capacitors exl}lblt. Moreover,
the value of the capacitor and the ESR both change with temperature.
Unlike regulator loads, though, most regulated references have an
invari tput-load environment.

V?\r;a:lth?(;leg in the previous discussion, the unregulated reference
will exhibit a significant variation in its output voltage for small



changes in current. This quantifiable variation not only limits thej
output current capabilities of the circuit but it also partially defines i
vulnerability to noise and, in general, to transient events. The outp
can only drive circuits with considerably higher input resistance, likel
the gates of MOS transistors. Moreover, the size of the load-Capaci?
tance determines the extent to which the output voltage varies when g8
transient event occurs. The reference voltage changes less, of course
with increasing load-capacitance. A regulated reference, on the othe :
hand, imposes less stringent requirements on the system because j
can drive larger output currents (gates of MOS devices and bases
bipolar transistors) and it exhibits lower output resistance. A lowe
impedance requirement relaxes the load-capacitance restrictions
the system. ;

A regulated reference is an unregulated reference with a negativ
feedback loop. The open-loop gain of this feedback path is relative
high. The resulting closed-loop output resistance R, ., is inverse
proportional to the open-loop gain A,

Ro-CL

R = —__—’ - 1
0-CL 1+ 4, B (4.1

where R, is the open-loop output resistance and B is the fees
back-gain factor. The feedback loop is realized either by integrating:
to the basic reference cell or by buffering the output with an oper;
tional amplifier in unity-gain configuration. Figure 4.4 illustrates
example of an integrated loop topology and the general circuit co
uration for a buffered reference.

The specific integrated loop shown in Figure 4.4(a) actually has
feedback paths, one positive and one negative. The proper configu
tion ensures that the negative feedback has an open-loop gain greate
than that of the positive feedback path. The positive feedback p
goes through the collector of an NPN transistor (gn1) that is emitt
degenerated with a resistor. The resistor reduces the effect
transconductance of transistor qnl, thereby lowering the result
open-loop gain. As a result, the polarity of the amplifier must
configured such that the negative feedback path goes through tran:
tor qn2, whose transconductance is not degraded. The loop, of cou
must be designed to be stable and may require one or two compens
ing capacitors. The buffered version of the regulated reference show
in Figure 4.4(b) cascades an operational amplifier in unity-gain config

uration to the unregulated reference. This latter circuit is relativ
\

Load-Mirror

Vref

Unregulated
Reference

(a) (b)

Figure 4.4 Regulated reference topologies.

casier to design since the buffer and its compensation requirements
are independent of the reference cell. This approach may demand
more silicon area and more quiescent-current flow than the integrated
loop version. Integrated loops take advantage of already-available
devices to formulate and bias the feedback path.

Design Example 4.2: Design a regulated, voltage-mode, first-order
bandgap reference for a temperature ranging from 0 to 125 °C,
assuming that the bandgap voltage (V,,) is 1.2 V apd the process
constant 7 is approximately 3.6. Also assume that a biCMOS process
is to be used where natural MOS devices are available. The input
power supply of the circuit is to be greater than or equal to 2.5 V. .
Since the supply voltage is 2.5 V and a voltage-mode topology is
desired, the circuit topology illustrated in Figure 4.5 is ‘adopted.
Devices gnll, qnl2, RA, and RB comprise the basic flrst-o‘rder
bandgap reference where the diode voltage across the basc?-emltter
junction of gn11 is summed with the PTAT voltage across resistor RA.
Devices R21, R22, mp21, mp22, mn21, mn22, mn23, mn24, Cc, RO,
and qno make up the feedback-error amplifier performing the func-
tion of the amplifier in Figure 4.4. Resistor R12 and capacitor Cf are
used to filter the positive feedback loop with the intent to reduc.e its
gain relative to the negative feedback loop. The purpose of resistor
R11 is to ensure that the bases of qnll and gnl2 exhibit the same
voltage; voltages across R11 and R12 are equal assuming that the bgse
currents match. Finally, mpi, gnb, rnb, mnb, mpb, and Rpb comprise
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Figure 4.5 Regulated, voltage-mode, first-order biCMOS bandgap reference.

mp22

Jh = i

!

the biasing circuit. Transistor mpi is used as an inaccurate curren
source. Transistors qnb and mnb along with resistor Rub derive |
predictable CTAT current that is ultimately used to bias the gates “
mp21 and mp22 via. mpb and Rpb. The circuit, by the way, if
self-starting since mpi ensures that the gates of mp21 and mp22 ar
biased, thereby preventing a zero-current state from occurring.
The first portion of the circuit to be designed is the basic bandga
cell. The same methodology used to design the circuit shown it
Example 3.2 will be used to design this circuit. Transistor qnll i
therefore chosen to have an area equal to four times larger than th
minimum poss1ble size for an NPN device. A nonminimum device siz
is chosen to maximize the matching capabilities between tran51st0)
qnll and qn12. Now, the current through qn11 is arbitrarily chosen
be 15 wA. A lower current can be chosen, of course, but it typically
makes the circuit more susceptible to substrate and 1nput suppl
noise. The size of qnl1, being necessarily larger than qn12 is chose!
to be 8 times larger than qn2. At this point, resistor RB is simply

V;InC  V;InC (258m)in8 E
_ _ - ~ 3,580 0. ;
IPTAT anll 15 /"’A

The reference voltage is equal to the sum of base-emitter voltage
Vgen and the PTAT voltage across resistor RA. The way to design the
value of this resistor is to make a first-order approximation of the
base-emitter voltage and to determine the PTAT Volta'ge required to
produce a zero-TC response. The approximatior} will neglect the
higher-order nonlinear components of the base-emitter voltage,

T
Veen(T) + (n — 1)VT,] T

r

Vaen = [V +(n - 1)VT] [ g0

where Vp is the thermal voltage at room temperature 7, and 1 is
substituted for the constant x in equatlon (1.7) of Chapter 1 since the
collector current is PTAT (I, o T'). For the voltage reference to
have zero TC, its first derivative must be equal to zero, i.e.,

Vet d(Vaeir + Verar)
oT |r=t, oT

-I/go = Vaen(T,) + (n— 1)Vr,l
T

r

[ 1 T,
+l2 PTA;:( r)}RA =0,

r

where Vppap is the PTAT voltage across resistor RA. The multiplier
“2” in the above relation comes from the fact that the current through
RA is equal to 21pppp. Consequently, the value for R4 can be found
to be 19.9 kQ,

RA = Vgo - VBEII(Tr) + (77 - 1)VT,
2lppar(T})

— 067V + 67.1mV
_ 12V -067 mV 0030,
2(15 pA)




wherg Veen s assumed to be 0.67 V at room temperature. The
resulting reference voltage at room temperature is :

Vref(Tr) = VBE(Tr) + VPTAT(Tr)
=0.67V + 2(15 p,A) (19.9 kQ) = 1.267 V.

The feedback amplifier is now designed. The voltage across resi 3
tors R2.1 and R22 is chosen to be 200 mV. Since the input su ls-
voltage is greater than 2.5 V, a low voltage drop is required to enslf
that ‘mp21. stays in saturation. Choosing, for ease of design and since!
no limitations were given to quiescent current, the current throy ;

mp21 and mp22 to also be 15 nA forces resist :
£ipal and m 1 sistors R11 and R12 to bq

200 mV 200 mV

R11 =RI12 = =
Iorpr + Ly 15 pA + 15 A

= 6,667 ().

The voltage at the drain of mp21 could reach up to roughly 2 V at lo
temperatures (Viet + Vig). Devices mp21 and mp21, as a result, ar
dgmgned to have a saturation voltage of less than 300 mV vs:hic
yields a device .size of 120/5 where a channel length of five n’licron
assuming a minimum size of one micron, is chosen to minimiz
channel-length modulation effects,

L ~ \/ 2L \/ 2(15 pA)
mp21 -sat — ’ =
2 N KW/ LY | (WL = 03V

or
(W/L)p1 = 22.2,

:ghg;eéra;zc;g}d;lctance parameter K’ for PMOS devices is assumed |

D?ches mn2l through mn24 comprise the load mirror of the :
amphfler. Devices mn23 and mn24, in particular, are natural NMOS |
devices. As such, they have a threshold voltage of zero volts, nomi-
nally. This low-threshold voltage is exploited by sharing tl;e gate
connection with mn21 and mn22. In the end, sufficient headroom is 3

left across mn21 and mn22 to operate in saturation and no additional
devices were necessary to bias the gates of mn23 and mn24. Since the
voltage at the drain of mn23 is going to be greater than approximately
1.7 V (V. + Vp), the saturation voltage of mn23/mn24 and
mn21,/mn22 is chosen to be 500 mV, which leaves ample headroom,

y :\/—Z_Eﬂ/iz(ls‘”\) <05V
mn21-sat K'(W/L)nn 50u(W/L)pnn

(W/L)pn1 = 2.4,

or

where transconductance parameter K’ for all NMOS devices is as-
sumed to be 50 wA /V2, Devices mn21 and mn22 need to match well
to produce low offset voltages. As a result, their channel length is
chosen to be 25 m. On the other hand, mn23 and mn24 are not
as critical and can therefore tolerate a shorter channel length (ie.,
10 pm). Consequently, mn21, mn22, mn23, and mn24 have a device
size of 65 /25, 65/25, 25/10, and 25 /10, respectively.

Finally, qno is chosen to be minimum size since it does not demand
any accuracy requirements and its current load is low. Its quiescent
current, though, is arbitrarily chosen to be 5 pA. Collector current
ensures a more predictable response, not to mention a faster reaction.
Resistor RO is therefore designed to be 255 k{),

Ve 1267V

T 5uA SpA

RO = 253.4kQ.

Capacitor Cc is added to compensate the amplifier. The circuit itself
may not need this compensating capacitor since the dominant pole of
the amplifier is inherently the base of gno. All other nodes in the
feedback path have low impedance (i.e., source of mp2l /mp22 and
emitter of gno). As such, a relatively small capacitor value is chosen
(i.e., 10 pF). A larger capacitor may be warranted if enough capaci-
tance is added to the output of the circuit. Resistor /capacitor combi-
nation R12/Cf is chosen to yield a positive feedback pole frequency
of 100 kHz, which roughly translates to 160 k{2 and 10 pF,

1

= = 99.5kQ.
27R12Cf 2w (160) (10p)

f +feedback-pole



Resistor R11, of course, is designed to match R12, thereby also having
a value of 160 k. It is noted, at this point, that the reference voltage
is also a function of the base current of qnll or, equivalently, g
function of B. The simulator is used to ultimately center the PTA'
to-diode voltage ratio while taking into account finite B errors,
The last section of the circuit to be designed is the biasing circu
Device mpi is simply used as a current source and it is arbitrar

chosen to be roughly 1 pA at an input supply voltage of 2.5 V;
W/L = 2/50,

K'w
Impi = _ZT [2( VSG-mpi - l I/tp ')VSD-mpi - VS%_)-mpi]

(5p)Ww
2L

[2(25 -0.7)(1.23) - 1.23?] = 1 pA

or

(W/L)mpl 22 ?
where the threshold voltage |V, | is assumed to be 0.7 V and ¢
source-drain voltage is assumed to be 1.23 V (2.5 V — |
Vae.qu» Where V., o is less than 0.6 V). It is noted that mp
assumed to be nonsaturated since its source-drain voltage is nominal
less than the difference between its source-gate voltage (equal to
supply voltage) and its threshold voltage. Now, qnb is chosen to
minimum size and Rnb is designed to conduct, nominally, 5 uA; thu
Rnb is designed to be 134 kQ, I,,, = Vg, /Rnb. Mnb is designed t
have a minimum channel length (3 um) and a width of 5 um, w
yields a saturation voltage of roughly 350 mV. Mpb, having a curre:
density of roughly one-third the current flowing through mp21/ mp2,
is designed to be one-third in size and matched (i.e., 40/5). Tt
voltage across Rpb should match the voltage across R21/R22; thu
its size is chosen to be 40 k€, 200 mV = (5 wA) X Rpb.
At this point, the circuit is simulated to determine its temperaturess
drift performance, closed-loop transient response, and steady-sta
performance. Startup should also be tested, in a steady-state test
slowly ramping up the supply and, in a transient test, by rap ‘
pulsing the supply once. In the transient run, the reference shoul
recover to its steady-state value. :

4.3 DESIGNING FOR POWER SUPPLY REJECTION
AND LINE REGULATION

The overall objective of designing a precision reference.is to achieve
high accuracy over all working conditions. Thf: lpad, the input \{oltage,
and the system itself define the operating hrplts of the circuit. The
output stage is designed according to the loadlpg requirements of the
system but the overall circuit must also be demgnqd to accorpmodate
the demands of the input voltage. A voltage variation extending from
5 to 10 V on the input power supply voltage i.s not uncommon for
many integrated circuits. The resulting deviqtlon in the referen_ce
voltage due to this supply variation is described by the term line
regulation. More explicitly, line regulation performance. refers to the
steady-state voltage changes in the reference resulting from DC
changes in the input supply voltage. _ .

The supply voltage can also be a source of transient noise. T}le
environment where the circuit lies dictates the severity of the noise
injected through the input supply. This noise may be random or
systematic in nature, having frequency compor}ents encompassing a
broad spectrum. The robustness and the stability of thf.: circuit with
respect to this noise are gauged by the power supply rejection (PSR)
parameter. The term PSR, for the case of references, gpphes .to the
changes in the reference voltage that result from variations in the
input supply. In practical circuits, the frequency response PSR perfor-
mance is not the same throughout the input voltage range. Early
voltage and channel-length modulation effects typically cause this PSR
variation. In other words, the transistors’ output impedance chapges
with steady-state biasing conditions (drain-source or collector-emitter
voltages). Though PSR refers to small signal response, the general
techniques used to improve line regulation will also apply to I?SR. In
summary, the overall design of the reference must addr'ess .the issue of
a variable power supply voltage. Toward this end, 01rcu¥ts.t§.rp1cally
employ cascoding and/or preregulating techniques to diminish the
effects of a changing supply.

4.3.1 Cascodes

The basic concept behind improving power supply rejection (PSR) apd
line regulation performance pivots around increasing the effective
impedance from sensitive nodes (especially the reference voltagg) to
the input power supply voltage. The concept of PSR may be described
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Figure 4.6 Cascoding techniques used to increase the impedance to the pow
supply.

by assuming an impedance divider from the power supply to groun
and whose common-middle node is the reference voltage. The effe
tive PSR is expressed as

AI/I Zgnd + Zin
PSR = = = =—=, (4.1

ref

gnd

where AV and AV, refer to changes in the reference voltage a
the input supply voltage while Z,a and z;, represent the effecti
impedance from the reference to the ground node and to the inp
supply voltage, respectively. Consequently, PSR performance i
proves (becomes larger) as the impedance from the reference voltag
to the input supply increases. Cascodes can therefore be used t
increase the output impedance of a particular node to the inp
supply. Incidentally, PSR is also sometimes expressed as the recipro
cal of equation (4.12). This text, however, will consistently refer t
PSR as described in the aforementioned equation.

Figure 4.6 illustrates how cascoding techniques can be applied to
particular device (transistor mp1). If the cascode device (transisto
mp2) were not present, only the channel-length modulation effec
of transistor mpl (Rg,,) define the output resistance. The simpl
(“unregulated”) cascode circuit of Figure 4.6(a) has a significantl
larger output resistance. Its output resistance (R,,) is, as derive

from equation (1.16) in the current mirror section of Chapter 1 where
gain A is equal to 1,

Ry = (r+ 8m2Rsp1)Rspr + Rspy = 8m2Rsp1Rspa> (4.13)

where Rgp, and Rgp, are the output resistancgs of devices mpl and
mp2 while g,,, is the transconductance of transistor mp.2. The resull)t-
jng output resistance, relative to a standalone transistor, can de
approximately between 30 and 50 dB greater. The regulated cascode
circuit shown in Figure 4.6 (b) exh1b1t§ even larger output resistance.
A loop with negative feedback gain is added around 'the cas.codlng
device to regulate the output current, thereby furtl}er increasing the
effective output resistance of transistor mpl, as derived in Chapter 1.
The resulting relation is

R, = Agm2Rspi Rspr = 8m3Rsp38m2 Rsp1Rspas (4.14)

where A is the voltage gain (g,,3Rsp3)s &3 is the transcqnductance of
transistor mp3, and Rg,; corresponds to the output resistance of the
same device. It is assumed, for the above relationship, that the output
resistance of the current source I, is an order of magnitude greater
than Rg,;. However, if this impedance were to be low.er, Rgp; in
equation (4.14) would simply change to the effective parallel
impedance of Rg,; and the output resistance of current source I,.
The overall output resistance of the circuit is at least an order of
magnitude greater than the unregulated cascode case.

4.3.2 Pseudo-Power Supply

Another method of improving power supply rejectiqn (PSR) is by
preregulating the input voltage. The noisy and variable supply is
essentially isolated from the reference by means of a buffer. As a
result, the variations of the preregulated voltage, pseudo-supply for
the reference circuit, are much lower. For the purposes of analyses,
the preregulator is described by an effective output impedance from
the pseudo-supply to the input voltage (z,euq0) @nd by another
impedance from the pseudo-supply to ground (zp§eud0_.gnd). Conse-
quently, the PSR of the overall circuit, as illustrated in Figure 4.7 (a),
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Figure 4.7 Preregulated pseudo-supply voltages for reference circuits.
is

PSR = PSR ..., - PSR

regerence
Z .
pseudo-in + Zpseudo-gnd X Zref—pseudo + Zref-gnd

M
z pseudo-gnd z ref-gnd

(4.1

where PSR ey and PSR ;. . refer to the PSR performance of th
preregul.ator and the reference circuit itself while z fond and z
are the impedance values from the reference to gr(r)eu-rglncii and from th
refer‘ence to the pseudo—power supply, respectively. For best result:
the impedance from the pseudo-supply to the input supply must be:
large and the impedance from the pseudo-supply to ground must b ‘
low. The simple circuit shown in Figure 4.7(a), enclosed within th
preregulator boundary, achieves this condition. The three diode
fiefme the low impedance to ground (3r,,) while the drain-sourc
impedance of mpl determines the impedance to the input suppl
(ry41). For further improvements in PSR, the cascoding technique

illustrated in Figure 4.6 can be implemented to increase the impedance
from the pseudo-supply to the input supply. Additionally, the pseudo-
supply can be regulated with a negative feedback loop to decrease the
impedance from the pseudo-supply to ground as shown in Figure
4.7(b), which is a variation of the circuit designed in [3] and [4],

2r,, + R,
pseudo-gnd 1+ GmZGgmlex

> , (4.16)

where Z is the impedance at the output of transconductor G,, and
g, is the transconductance of transistor mpl. The Ohmic voltage
summed with the two diodes is PTAT to partially compensate the
negative temperature coefficient of the diode voltage, thus potentially
obtaining a first-order temperature-compensated pseudo-supply. It is
not intrinsic for the preregulated supply to be a first-order reference,
though; it could simply be a zero-order reference. The PSR of the
reference itself is sufficiently large to dampen the effects of the
temperature drift of the pseudo-supply. Consequently, alternate real-
izations of the feedback loop can be formulated. In the end, the
tradeoff of enhancing PSR performance is additional quiescent-
current flow and silicon area. The total variation tolerated by the
system determines if the added level of complexity is necessary to
mitigate the effects of a variable input supply.

The minimum steady-state input voltage allowed for proper opera-
tion (headroom limit) is increased if a preregulator is added, unfortu-
nately. This additional overhead is typically between 100 and 400 mV.
The PSR and the line regulation performance of the device are best
when the input supply is above the pseudo-supply voltage by, at least,
roughly 400 mV. This characteristic results because the series device
between the input and the pseudo-supply displays its largest output
resistance when operated in the saturated region (MOS transistors) or
forward-active region (bipolar devices). The characteristic impedance
of the series element decreases significantly as it enters the linear
region, which happens when the voltage between the input and the
pseudo-supply is low. This differential voltage is called the dropout
voltage. During dropout, line regulation performance and PSR de-
grade. Figure 4.8 shows the experimental line regulation results of a
bandgap reference with and without a preregulated pseudo-supply
voltage. The reference variation over input voltage range decreases
from 175 to 1.8 mV /9V with a preregulated pseudo-supply [5].
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Figure 4.8 Linc regulation performance of a bandgap reference with and without
preregulated pseudo-supply.

Design Example 4.3: Design a preregulator whose input volta
ranges from 1.5 to 10 V and whose load is a reference circuit having
between 30 and 40 pA of quiescent-current flow. The referencel
circuit can tolerate a minimum pseudo-supply voltage of 1.3 V.

Figure 4.9 illustrates a circuit that meets the aforementioned
requirements. The voltage of the pseudo-supply is defined with threg
series diode-connected devices. Two diode voltages would have yieldet
less than 1.3 V at high temperatures. The negative feedback loop.
the preregulator is comprised of transistors qnl, mpl through m
and the three diode-connected transistors, qn3 through qn5. Transis
tor qn2 is used as a current source for mp2. It also provides a positi
feedback path to the output; however, its gain is lower than
corresponding negative feedback gain. The relatively low pos
feedback gain results because transistor gqn2 is emitter degenerat
with a resistor while qnl is not. Transistors mpsl through mps3 ar
used to “startup” the circuit. Transistor mps2 is used to sense the
current through qnl to ultimately compare it against current sour'
mps1 (diode-connected device with a large channel length). If t
current through gnl is less than that of mpsl, transistor mps3 pulls
the gate potential of mp3 low, thereby forcing current through g
and consequently through gnl. Transistor mps3 turns off when th
current through qnl is greater than the current through mpsi, whicl
occurs when the circuit is operating properly (characteristic of
bi-stable circuit).

Transistors qnl and qn2 along with resistor R form a PTAT curren
generator. The unit size for the NPN transistors is chosen to occup?

qu gn2

X ax x

mps1

<

Figure 4.9 Preregulator circuit for generating a pseudo-supply voltage.

minimum silicon area. Since the accuracy of the current is not intrin-
sic, the benefits of using a larger geometry are not desired. As such,
all NPN devices are minimum size except for qn2, which needs a
larger size to produce a PTAT current. The size of gn2 is th§ref0re
designed to be four times larger than that of qnl (unit size). A
relatively small area spread between gnl and qn2 does not require
significant silicon area. The currents flowing through qnl and gqn2 are
arbitrarily chosen to be 2.5 wA (mpl and mp2 comprise a one-to-one
mirror, thereby forcing the currents to be equal). A lower magnitude
could have been chosen but, for the sake of noise immunity, it was
not. At lower quiescent-current flow, the circuit is more vulnerable to
reaching its off state when transient noise is injected through the
substrate. As a result, resistor R is designed to be 14.3 k),

V.
12=—T1n452.5;LA
¢ R



or

Ind =1
25,uAn 43%Q,

where I, is the collector current of qn2 and V. is the thermal voltage
Transistors mpl, mp2, and mp3 are demgned to be good curren
mirrors of each other, exhibiting reduced channel-length modulatig
effects. The source-drain voltages of both devices are equal. Further
more, their channel length is chosen to be 10 um (well above the i
minimum channel length allowed). The width of these devices, how
ever, is designed according to the minimum input voltage requireme
of the circuit (i.e., 1.3 V),

Vinemin = Vsct + Veetmn =1Vl + Vsprosae + Verrtmn < 1.5V

thus,
I/tS'Dl sat —= (1 5 V) CEl min II/tl |
2Le; 0.5V
—— < U,
K'(W/L)mpr
or

(W/L)mpl > 14,

where Vi, is the source-gate voltage of mpl, V5, ... is the minimum
voltage across the collector and the emitter of qnl (assumed to by
300 mV), |V,| is the threshold voltage of mpl (assumed to have
value of 0.7 V), K’ is the characteristic transconductance parametel
of the device (assumed to be 15 uA/V?), and (W/L),,,, is the asp
ratio of mpl. Consequently, a channel width of 20 um (twice it
length) is chosen for mp1, mp2, and mps2. Transistor mp3 is designes
to source the load current with a low source-drain voltage drop.
criterion is designed to cater to the minimum input voltage overhead
of the circuit, :

I/in—min = I/pseudo + I/SDS-min = (13 V) + I/SD3-sat <15V
thus,
21,
I/SD3-sat = o <02V

K'(W/L)mp3

A

or

(W/L)mps = 150,

where I ,q is assumed to be less than 45 pA (40 nA demanded by
the reference circuit and less than 5 pA allocated for transistors qn3
through qn4). The channel length for mp3 is chosen to be
4 pm, which corresponds to approximately 2 times larger than the
minimum channel length for a 2 um process. A minimum channel
length is not chosen to alleviate the effects of channel-length modula-
tion on the output resistance, which reduces the PSR performance of
the circuit. The tradeoff, however, is silicon area and that is why the
physical channel length is only twice the minimum allowed. Finally,
transistor mps3 is chosen to be minimum size to reduce area overhead
and transistor mpsl is designed to sink less than the minimum current
flowing through qn2, which occurs at low temperatures and at high
resistive values (typical tolerance is +20%).

Vil o

TiTemperature = —40 °C

¢ = P

ISD-mpsl < I2-min = R In4 = 1.6 MA.
| +20%

Due to the inherent variability of the PMOS device itself (up to 100%
across process and temperature), its source-drain current (I, psl) 1S
chosen to be less than 0.8 nA at room temperature, thus

!

Ispmss = 5 (W/L)mpsi(Vsg = IV, 1) < 0.8 pA
or
2(0.8 pA)
(W/L)mpsl = K’( !V |)2
2(0.8 nA) 1
" KV VY 810
where V;, ... is 10 V.



4.4 SUMMARY

Precision references are not merely high-order temperature-com- §
pensated circuits. They are circuits that reliably and predictably pro-
duce a reference voltage despite process, load, line, and transient 4
variations. High overall accuracy is an exceedingly demanded com-
modity. Though not all circuits require it, more and more complex
systems are dependent on it. Process-dependent variations impacting
the performance include resistor matching and tolerance, transistor
matching and tolerance, channel-length modulation, Early voltage,
and so on. They alter the biasing condition for which the lowest TC ig
exhibited. Other factors that alter the operating performance of the,
reference include load and line regulation, not to mention PSR. Load;
regulation is considered when designing the output stage of th
reference. Line regulation, on the other hand, is taken into account
throughout the design of the overall circuit—input and output stage,
Ultimately, to reduce the output sensitivity to the load, a regulate
output may be designed. To decrease supply sensitivity, on the othe
hand, a preregulated supply is quite effective. :
At this point in the text, most of the issues involved behind the:
design of references and bandgap circuits have been addressed. The:
temperature-compensated circuits of Chapter 3 are enhanced an
complemented with the circuits and techniques shown in this chapte
which allow them to be relatively insensitive to load and input su
plies. Depending on the demands of the system and the characteristi
of the process, different circuit topologies within the set presente
may be warranted. For instance, the output may be voltage, curren
or mixed mode. It could also be regulated or not regulated. Similarl
the circuit, throughout, may adopt the use of cascodes or, perhaps, th
use of a pseudo-supply. The next chapter deals with system-relate
issues such as initial accuracy (for trimming), package shifts, substrate;
noise, layout issues, characterization, and so forth. These topics are.
essential to the ultimate performance and utility of the reference!

APPENDIX A.4 ERROR SOURCES IN
A TYPICAL FIRST-ORDER BANDGAP

The intrinsic characteristics of the bandgap reference are the temper- |
ature dependence of each major component, i.e., base-emitter voltage, §
proportional-to-absolute-temperature (PTAT) voltage, and curvature- §
correction voltage (for second-order references). These voltages, §
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Figure A4.1 Typical first-order bandgap cir-
cuit.

however, exhibit nonideal relationships to absolute voltage and to
temperature. These nonidealities occur because of the parasitic ef-
fects involved in integrated circuit design. Most of the errors lie in the
basic core of the reference (i.e., the base-emitter voltage used and the
PTAT generator circuit). Figure A.4.1 illustrates a typical implemen-
tation of a first-order bandgap circuit. This reference is used to
scrutinize the parasitic components that alter its ideal behavior. The
applicability of this analysis can be extended to a wide range of
reference circuits due to the recurrence of the same principles. The
basic components are present in many, if not most, references.
The relationship of the reference is described by

v, (A4.1)

I

of = Veg1 T 2IPTAT(R1 + R2),

where Vjj, is the base-emitter voltage of transistor qnl and the
PTAT current (Ippay) is

Cx 1
Vr n(—x - ﬂ), (A42)

ITorar =102 = R x I

where I, and I., are the collector currents of transistors qnl and
qn2, respectively. The dependence of the base-emitter voltage to
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where V; is the thermal voltage and Jg is the saturation curren;
density. ‘

RESISTOR MISMATCH

Resistor mismatch affects only the PTAT term of the reference

observed in equations (A.4.1) and (A.4.2), when combined. The m ;
match can be mathematically described by

R1 + R2

(Ad4

where (R1 + R2), is the value of sum (R1 + R2), taking the relat o
percent mismatch gy to resistor R into consideration ((R1 + R2) 4
R is the ideal gain-ratio 4). The ratio that allows the circuit to exhibif
its lowest temperature drift over the specified temperature range i8
the ideal gain-ratio. Consequently, the relationship of the reference
affected and its deviation from its nominal value can be derived by

= I/ref + (I/ref—x - I/1'ef),

. .
where V. is the value of the reference voltage when resistor

Vietx = Viet + 20ppar (R1 + R2) 8z (A.4.6)

As a result, resistor mismatch not only changes the absolute value of i
the reference but it also adds a PTAT temperature component. This 3

mismatch is typically addressed by trimming the circuit, particularl
by trimming R2.

RESISTOR TOLERANCE

The lot-to-lot variation of the absolute ma}gnitude qf the reswtt(t)rsi ;1:1(;
affects the reference. The variation of resistor R with res(p}g; +0R2) !
s defined as the resistor tolerance. Thej Varlat'IOI.l of sum )
1sb orbed by resistor mismatch since its variation 1s gauged agains
?essistor R. This tolerance can be quantitatively described by
R, =R(1 + 8gy), (A.4.7)
where R, is the value of resistor R when .ab_solute resistor toi;eraln(t:e
5., is taken into consideration. This variation affects the a 50111 e
vgﬁle of the PTAT current, which ultimately affects the absglu(tie V.a.ge
of the base-emitter voltage. This consequence 1s ob‘servedl y eI;Zl g
the effect of tolerance on the value of the base-emitter voltage, 1.e.,

VBEI)’

i -emi ltage of transistor qnl

here V., is the value of the base-emitter vo ( :

‘vthen regiiltor tolerance 65, is taken into .cons1derat10n.'Thus, equa
tions (A.4.2), (A.4.3), and (A.4.7) are used in (A.4.8) to yield

Veerx = Vaer + (VBEl-x - (A-4~8)

= VBEl - VT 111(1 + 6RA)’

Vegte = Veer + Vr ln[m]

(A.4.9)

As a result, the absolute tolerance adds a CTAT term l_)ehavior to tlﬁe
temperature drift of the base-emitter voltage and, ultimately, to the
reference voltage, i.e.,

=V, (A.4.10)

T

V,

ref-x

o = Ve (1 + 8g0) = Vier = VrOga-
The approximation only applies if 8, is much lower than 1, which is

a reasonable assumption when considering that typical resistor mis-
matches are below 5%.

CURRENT MIRROR MISMATCH

A mismatch in the currents flowing through the collectors of tra}l:?f
tors qnl and qn2 affects the base-emitter voltage as well as the P



current and, ultimately, the PTAT voltage. The following relation can
quantify the percent mismatch of the mirror: |

ley = Iep(1 + 8y), (A4.11) ]
where SM is the percent current mismatch between the collector ;
currents in transistors qnl and qn2. This mismatch affects the base. §

emitter voltage as well as the PTAT voltage term. First, reanalyng“

4 k
the AV, loop derives the erroneous PTAT current ( Iprat. o), a

= —E ln[(l + (Sm)C]

Torar., = F Inj ———

IC2

VT 1 ‘.?
= — +
R I C (A.4.12)

The effects of this current on the base-emitter voltage are observed by
substituting equation (A.4.3) into (A.4.8) and using the current miss
match relatlonshlp in equation (A.4.11) as well as the erroneous
current derived in equation (A.4.12),

In(1 + 6
_(__Aﬁ]ln C.

( 1 PTAT-x

Vagi.x = Vaer + V7 In

In[C(1 + 8,,)]
InC ]

I = Vg, + Vy ln[

] Torar

= Ve + V7 In

[InC + In(1 + &)
InC

5 By
- —M} = Vyp1 + Vp—s

= Ve + Vo 1
BE1 r 10 nC ok

(A.4.13)

The final approximation is true only if §,, and (§,, + In C) are much
less than 1, which is reasonable since current mismatch error is
typically less than 10 to 15% and C is not usually larger than 12. The
resulting effect on V. is similar to that of the absolute resist
tolerance. The error term propagates to the reference relationship
addition to a PTAT error term. Equation (A.4.5) is used in conjunc+
tion with (A.4.1) and (A.4.13) to elucidate the total effects of current

mismatch on the reference voltage,

In(1 + 8,)
I/refx I/ref_i_I/lIl( ( Y

nC ) + Ippar. O (R1 + R2)

=V,

I

8y Sy
ef+VTR+IPTAT(1 - c) (Rl + R2), (A.4.14)

where Ipparp is the current flowing through the collector of transistor
gnl and the same approximations as for equation (A.4.13) are true.

TRANSISTOR MISMATCH

The area ratio between transistors qnl and gn2 also exhibits some
error. This error is termed mismatch (8ypy) and it manifests itself by
yielding an effective gain-ratio of (1 + 8ypy)Cx; in other words, the
gain-ratio between qnl and gn2 is x:(1 + 8ypy)Cx. This also trans-
lates to an equivalent offset voltage,

(1 + 8NPN)C

I/OS = VBE—X - C

Vee = Vr In

l =~ Vy8ypy. (A.4.15)

The mismatch between the two transistors in the circuit at hand
affects the absolute value of the PTAT current by forcing an addi-
tional offset voltage across resistor R. As a result of Ipp,p changing,
the base-emitter voltage is affected as well as the PTAT term of the
reference relationship. By utilizing equations (A.4.2), (A.4.3), and
(A.4.8), the effects of transistor mismatch (offset voltage V) can be
derived, i.e.,

os
I pratr T ?
Vegix = Vapr + V7 In I-PTAT

Vos
. (A.4.16)
VelnC

= Vgp + Ve In|1 +



offset voltage magnified by the gain-ratio between sum (R1 + R2) an(f

R. The effect is illustrated by using equations (A.4.1), (A.4.5), (A.4.15
and (A.4.16),

os

Ve, = Ve + Vo 1
ref-x ref 7 10 VT In C

1+

+2(25)(R1+R2)

o V; 8
= Ve + Vp ln(l + h’:””) + 2( TRN”N) (R1 + R2)

8 2V, 6
+ Vit + MY (R 4 RD), (A4.17)

=
"InC R

ref

where Iprar has been replaced by (Ippay + V,, + R).

EARLY VOLTAGE

Early voltage errors associated with transistors qnl and qn2 affect thej
reference by altering the PTAT current. Consequently, the bases
emitter voltage relationship is also affected as well as the PTAT term
of the reference. The effects on the PTAT current are observed by

taking into account Early voltage on the base-emitter voltage relation;
ship, ’

VCE VBE :
IC = JSArea 1+ VA—)GXP(Z (A418
or
IC
Ve = Vy In — | (A4.19)
JgArea(1l + ﬁ)
V4

where V, is the Early voltage. The PTAT current can now be
reevaluated by using the above relationship for the base-emitter

voltages of transistors qnl and gn2,

Vr (A.4.20)
R

Tprary =

Va

where Vg, and V., are the collector-emitter voltage§ of transistor.s
qnl and qn2, respectively. The effect on the base-emitter voltage is
observed by using equation (A.4.8):

I -x
Veerx = Ve + Vr ln( A ) (A.4.21)
Iprar

This error propagates to the reference relationship in addition to also
altering the PTAT term as demonstrated by

VCE2
! - L+
T-x T A
I/ref—x = V;cf + VT In o + ZF(R]' + R2) In —ﬁ_ ’
PTAT 1 +
V4
(A.4.22)

where equations (A.4.1), (A.4.5), (A.4.20), and (A.4.21) have been
applied.

RESISTORS’ TEMPERATURE COEFFICIENT

The temperature coefficient of the resistors also affects the tempera-
ture-drift performance of the reference. Resistors R, R1, and R2
should be made of the same material so that their TCs track. As
a result, the PTAT term of the reference relation is unaffected
(Vprar o (R1 + R2) + R). The parasitic effects due to the TC of
resistor R in the PTAT generator does, however, affect' the refgrence.
The following relation describes the behavior of a realistic resistor:

R(T) = R(T)[1 +A(T - T,) + B(T - T,)}|, (A423)



where 4 and B are the linear and quadratic temperature coefficients, §
R(T) is the resistance at temperature 7', and R(T)) is the resistance a; ‘
a reference or room temperature (ideal resistance). Using equations,’;
(A4.2), (A4.8), and (A.4.23) can thus derive the dependence of the §
base-emitter voltage on resistor R, 1

R(T)

R(T,)
Veery = Vam + VrIn

=V =V In[1 + A(T = T,) + B(T - T,]. (A4.24]

Consequently, the error term is also present in the relationship of the’
reference, i.e.,

I/l'ef-)c = I/ref - VT 111[1 +A(T — T‘r) + B(T _ 7—;)2] (A425)\

APPENDIX B.4 EFFECT OF THE RESISTORS’
TEMPERATURE COEFFICIENT ON A
REFERENCE WITH A CURRENT-MODE
OUTPUT STAGE

In a current-mode output stage reference, the resistors’ TC does n
degrade the performance of the circuit relative to a voltage-mo
topology. The TC of the resistors is basically canceled and the o
cffects present are those that also affect the voltage-mode topolo
(i.e., the TC of the base-emitter voltage as well as the PTAT volta
change, as discussed in Appendix A.4 and Section 4.1). Figure B.4.%

exemplifies a current-mode output structure. The relationship of the:

Ietar vgg  INL

Figure B.4.1 Typical current-mode output struc-
ure.

reference voltage for this circuit is

VBE VT
Viet = (IVBE + Tprar + INL)R = KaR_a + Kbﬁ_b— + Iy, |R, (B.4.1)

where I, , Ippar, and Iy, are base-emitter voltage derived, PTAT,
and nonlinear currents, respectively, while K, and K, are tempera-
ture-independent constants, Vp is the base-emitter voltage, V7 is the
thermal voltage, and R,, R,, and R are resistors fabricated with the
same material. The substitutions made in equation (B.4.1) represent
how the currents are, for the most part, physically defined. Since the
temperature behavior of current I, is nonlinear in nature, the TC of
resistor R simply modifies an already nonlinear voltage component.
Hence, the TC is assumed to have an insignificant effect on the
potential performance of the reference. Additionally, if the noplinegr
current is derived from a voltage, then its dependence to a resistor 1s
similar to I, and Ipray and the same claim of TC cancellation
applies (Iy, = Vi = R,). _
The temperature dependence of the resistors can be described as
R(T) =R(T)[1 + A(T - T,) + BT - T,)’],  (B42)
where T is temperature, 4 and B are the linear and the quadratic
temperature coefficients, and R(T7}) is the resistance at room tempera-
ture T.. Consequently, the reference voltage is reexpressed as

|BE T
V= |K,~——— +K,—— +1
ref [ aRa( r) bRb( r) N

R(T)[1+A(T - T,) + B(T - 2T,>] (B.43)
[t +4(T - 1)+ B(T - T,)’]
or
I P N G S R(T). (B.4.4)
ef uRa(Tr) bRb(T;') NE 7

Hence, the temperature coefficients of the resistors are canceled as
long as R,, R,, and R are all the same type (i.e., poly2 resistors).
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CHAPTER 5

CONSIDERING THE SYSTEM
AND THE WORKING ENVIRONMENT

Process variations and gradients across the die present significant
challenges to the designer. These design obstacles have an impact on
the design of both the circuit and the layout, especially in reference
circuits. For instance, if the expected variation of the reference due to
process is greater than the acceptable tolerance demanded by the
system, which is a typical situation, a postfabrication trim network
must be designed. The layout must therefore consider this characteris-
tic in its allocation of space as well as in its dissipation of current,
during trim routines. It must also minimize the full-scale range re-
quirements of the trim network (maximum all-bit weight) by matching
all key devices. More trim bits require more die area and longer test
times, which increases overall cost. Process characteristics also change
when encapsulating the reference circuit in a package. This phe-
nomenon, of course, reduces predictability and induces offsets.

The system itself can also impose severe limitations on the refer-
ence. Many integrated circuits today, in fact, are geared toward the
mobile market, which demands system integration, low quiescent-
current flow, and low voltage. The implications of system integration
are twofold: (1) the reference must use a minimum amount of silicon
space and (2) the circuit must be insensitive to noise and various
operating conditions. The latter is somewhat in conflict with low
quiescent-current flow. Ultimately, the task of designing the inte-
grated systems of today and tomorrow is difficult. This trait is
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especially true because, under a low-voltage environment, circuit |
techniques are greatly limited. Unfortunately, a harsh electrical envi-
ronment also demands careful layout to reduce the effects of noise
events as well as transient loads.

In the end, the utility of the reference as a whole depends on its §
performance with respect to the different factors that alter it. As such,
characterization is an intrinsic part of the entire product-development }
process. The individual effects of each element affecting and/or 4
describing the reference must be carefully ascertained to properly
illustrate the overall impact of the reference on the system. The
consequences must be independently rationalized, as a result. A
well-identified set of specifications is especially important during the
design phase of the system, when the performance of the reference
needs to be anticipated. Once designed, though, the ability to predi
the behavior of the reference is specified by the characterization
parameters and they are only as valid as the process used to extract
the parameters themselves. Consequently, a meticulous test environ-
ment and a well-planned test strategy are important features of any
characterization process. After addressing the issues surrounding trim,
package shifts, and system-induced requirements, this chapter will end
with a discussion on characterization, the final gate before a product:
is released. ;

5.1 DESIGN OF THE TRIM NETWORK

Integrated references inherently suffer from practical nonidealities
associated with the fabrication of circuits in any process technology.
These parasitic effects manifest themselves in the form of current:
mirror mismatches, resistors’ tolerance, resistors’ temperature co=
efficient (TC), Early voltage, channel-length modulation, resistor
mismatches, transistor mismatches, package shifts, and input offsetf
voltages. Some of these errors are systematic and effectively predicted
by the simulator, like TC, Early voltage, and channel-length modula-
tion. However, device mismatches, tolerance, and package effects are
random in nature and will therefore vary from chip to chip, wafer to i§
wafer, and lot to lot. The ultimate effects of these errors on the
reference become increasingly critical as the order of temperature
correction is elevated. Consequently, the robustness of a particular
design depends on its susceptibility to process and package effects. In
the end, all precision references are subject to these random parasitic

effects and therefore require postfabrication adjustrpents (t.rim).. The
extent of the fine-tuning process depends on the particular circuit, the
desired trimming accuracy, the resulting temperatur.e-drlft perfor-
mance of the reference, and the package-induced shifts (related to
mechanical stresses).

Since trimming is performed after the silicon has been processed,
there is not a great deal of flexibility. It is usually dope at the.w.afer
level and seldom at the postpackage stage. Thp physical restrictions
imposed on the trimming of postprocessed units are severe; neither
additional devices nor reconnections are available. Additionally, t.he
cost (time being a major contributing factor) associated with any trim
network also limits the flexibility of the algorithm. As a result, typical
networks are comprised of resistors that can be either short-circuited
or open-circuited at room temperature. Trimming 'throughout the
temperature range is possible but the time overh.ea.d is usually unac-
ceptable for most commercial products. This restriction may not be an
issue for military applications where product yield (percentage of
devices meeting all specifications within a given process lot) can be
low. The effectiveness of the trim network depends on its prefabrica-
tion design. What resistor is trimmed and how it is done can make or
break an integrated reference. For instance, a second-order reference
circuit is rendered useless if a trim is correcting a proportional-to-
absolute temperature (PTAT) voltage error but the actual trim voltage
itself is not PTAT in nature.

5.1.1 Trim Range

One of the most important aspects of trimming a precision reference
is the TC of the error voltage causing the offset; the TC of the trim
voltage must be equal to it. For the case of bandgap references, the
errors are predominantly linearly dependent to temperature, as shown
in section 4.1 of Chapter 4. The random offsets associated with the
nonlinear correction components of second-order and higher-order
references are typically small relative to the linear errors. This charac-
teristic results because the magnitude of the nonlinearly correcting
component is lower than the zero-order and first-order components,
as depicted by V,, in Figure 5.1. What may occur, however, is that a
significant nonlinear systematic offset may be present. The systematic
error may result from using poor electrical models during the design
phase. This type of offset is not trimmed but instead “centered” based
on experimental characterization of the circuit in the given process



Voltage

Temperature

Figure 5.1 Variations of the different temperature-dependent components of
bandgap reference.

technology. Some of the more prevalent errors that cause variation i
the PTAT voltage are resistor mismatch, NPN transistor mismatcl
and current mirror mismatch. Similarly, mirror mismatches, resistof
tolerances, and saturation current tolerances cause variations in thi
base-emitter voltage. The initial tolerance of the overall bandgaf
reference voltage is between +2 and 3.5%. The derived tolerance of
the bandgap circuit used in Example 4.1 of Chapter 4 showed
variation of approximately +2.1% (425.2 mV =+ 1.2 V).

If a linear offset with respect to temperature is assumed, th
trimming at a single temperature point is all that is necessary td
effectively cancel the error [1]. Theoretically, the values correspondi
to two temperature settings are needed to effectively compensate. 4
first-order error. However, the value of the components and therefore
the reference itself are already predetermined at 0 °K. The PTAT and
the nonlinear voltages are zero and the base-emitter voltage is V,,
(process-dependent constant) at 0 °K. Consequently, the linear error 18
effectively canceled by adding or subtracting a linearly correcti

component to the reference at any single temperature setting (typl
cally room temperature), §

T

Vef = I/1'ef-i * I/error- T, = ref- i t €linear TIT,’ (5'1

where V., ; is the ideal reference voltage, V... , is the offset error at:

reference temperature 7,, and e, is the corresponding linear:
coefficient of V. . Thus, a linear error is canceled if a linearly

error-T,
dependent trim voltage (Viim-1) equal to V. 7, at any reference;

r

temperature setting is added,
I/ref = I/ref-i * I/em)r‘ T, + I/trim- T, = Vet + (ielinear + ktrim)TlT,7 (52)

- is the variable trimming coefficient. .
Whi;esi];gli?icant higher-order errors exist, more temperature setltlmgs
may be required to effectively trim the rc?ferenc&_a. Appendix A.S' ) ov;rs
a trimming algorithm that can essentially trim any .three linearly
and /or nonlinearly temperature-depel}dent currents in a current/
voltage mode output stage. Data obtained thrqughout the'ter.npgrai
ture range is used to extrapolate 'tl}e behavior of the individua
components. As a result, the coeff.lclents of each component can
ultimately be manipulated to minimize th.e overall tempergture-d_rxft
performance. Unfortunately, this method is costly because it requires
a significant amount of time, not to mention a thermal stream or an
oven, for the trimming process. The assumption for most curvature-
corrected bandgap references, however, is that the flrst-grder qffset
error predominates the higher-order errors, thereby making a single

ature trim effective.

ten}[r‘)lfer design of the trim range is defined by the fundarpental
accuracy desired and by the expected tolerance_ of the untpmmed
reference. In other words, the number of trim bits is _d?t.ermmed by
the least significant bit (LSB) value required and by the initial full-scale
(FS) tolerance expected. For instance, a + 0.5% (V 4 gaccuracy =
+6 mV) 1.2 V reference that exhibits a total initial tolerance of
+2.5% (half the full-scale voltage (V) requirement, + 30 mV) should
have an LSB voltage (V, ¢5) of at least 3 mV with five bits (# Bits) of
trim (assuming a binarily weighted algorithm).

V v,

+ %accuracy ” ref
VLSB S KC (5'3)
and
VFS — VLSB(z#Bits _ 1)
or v
ln( = +1
. LSB (54)
# Bits > ™ ;

where K is a “comfort factor” (two for this discussion). The comfort
C . . - .
factor K, as the name implies, is an engineering index that balances



cost with performance; both cost and performance increase as K, is'
enlarged. The TC and the line regulation performance of the refer
ence ultimately limit the desired tolerance of the circuit after trim.4
ming, which defines the value of the LSB. Since these are centeredf
about an ideal reference voltage, any deviation in the actual value will
affect the overall accuracy performance. For example, if the theoret]
cal value at which the reference exhibits its lowest TC of 40 ppm /°C
is 1.195 V and the trim network could only get 1.185 V, then the TC jg
most likely greater than the projected 40 ppm /°C. This reasoning
explains why K_ is chosen to be a minimum of two. Greater values of
K. vyield more accurate results but with diminishing returns ang
increased overhead. Ultimately, K, is limited by available silicon areg
for placing probe pads and by the cost of increasing the number o
trim bits. Systematic package-induced offsets can also be anticipated
and canceled during wafer-level trimming. This process, however,
requires that package effects be well-characterized (magnitude and
temperature coefficient). Typically, package shifts are lower tha
+6 mV. Though more complex in design, a postpackage trimmin§
algorithm is more effective at compensating for package shifts. The
temperature dependence of the shift still requires scrutiny, though.
Theoretically, the reference voltage is centered about the trim code
corresponding to half Vs In other words, the reference circuit is
designed to generate the ideal voltage value (disregarding process
variations) when a trim code of half V. is programmed (10000. .. or
01111...). This code results because the process errors are random,
thereby potentially requiring equal positive and negative adjustments.
Alternatively, the most significant bit (MSB) may be used as a pole bit,
determining the polarity of the trim. In this latter case, the nomin
value of the reference is centered at 00000... or equivalently at
10000. .., where the first bit is the pole bit.

5.1.2 Trimming Techniques

At this point, the actual trimming mechanism is ready to be examined. .}
There are three basic types of trimming techniques: Zener zap, fusible §

links, and laser trim. The process technology and the set of masks S

“hosen for the particular design typically determine what trimming
‘echnique is to be adopted. Most process technologies today support
Zener zap and fusible links. Laser trim, though more enticing from

he design perspective, is more expensive and therefore less commer-
iially attractive.

\ Fused metal

Figure 5.2 Cross-section of a zapped
Zener diode.

Zener Zap The technique of Zener zapping provides the capapility
of short-circuiting two nodes such as the two terminals of a resistor.
Basically, a relatively large amount of current is forced to flow into the
cathode (n-type material of a p-n junction diode) of a small Zene:r
diode to short-circuit both terminals of the diode [2]. Typically, this
current ranges from 200 to 300 mA requiring a large Voltage dr.op
across the cathode and anode (p-type material of a p-n junction
diode) terminals of the diode. The large reverse current through the
diode dissipates enough localized power to permanently d.estroy th.e
p-n junction. The metal melts through the contact opening apq is
swept over the junction between the oxide layer and the silicon
surface resulting in a short-circuit between the anode and the cathode
of the device. Figure 5.2 illustrates the cross section of a zapp@d
Zener diode [3]. Due to the large nature of the currents, special
precautions are necessary to prevent permanent damages from occur-
ring to the surrounding IC. Zener zapping is highly reliable and stable
over time [1].

Fusible Links Fuses, unlike Zener-zapping diodes, are ngrmally
short-circuited devices capable of being open-circuited once trimmed.
The fuses are typically fabricated with aluminum or polysilicqn. They
are physically destroyed when a significant amount of current is forced
to flow through them, thereby creating an open circuit. Approxupately
less than 5 to 6 V is necessary for this nonrecoverable rnechamsm. to
occur. Fusible links are therefore less intrusive than Zener-zappmg
diodes, which usually require higher voltages to program. Pre.cautlon-
ary steps are still necessary to prevent metal regrowth resulting from
“on-chip electromigration” [4].

Laser-Trimmable Resistors Laser trim, like fusible links, can be
used to cut metal links already short-circuiting resistor segments.



These breaks are more reliable and require less invasive methods than
the fusible links. Another genre of laser trim physically alters the |

shape of thin-film resistors. As a result, the resistance of a single

resistor is effectively modified. The resolution is not limited by the ‘]
digital partitioning of resistors. Zener zapping and fusible links, unlike
laser trim, are ultimately limited to the value of the least significant

bit (LSB) to sum a trim voltage onto the reference. In other words

only incremental and finite resistor fragments are either short- |
circuited or open-circuited. Laser-trimmable resistors circumvent these |

limitations. There are no digital bits defining the range and accuracy
of the trim. The equivalent resistance is adjusted to a wide range o
values since the laser redefines the physical shape of the device. The

resistance is continuously monitored while an L-shaped groove is§

carved into the resistor structure by a laser beam having a typical spot

size of 1 uwm [3]. Each resistor is aligned and trimmed individually. A

cut perpendicular to the direction of the current is constructed firsig
and then, as the resistance approaches its desired value, a parallel cut

is made.

The overhead of laser trimming is time and money. The process
requires expensive equipment and considerable time to align and to

trim each resistor. Many processes today do not cater to such prac

tices. However, as the demand for higher performance increases, thes’f‘ ‘

will soon become more common. Table 5.1 shows a qualitative com
parison of the different characteristics of the three aforementioned
trimming techniques. Overall, laser trimming is the most effective and
the least power-intrusive method of trimming a resistor. However;
Zener-zapping diodes and fusible links are the most economical. The
nondigital adjustment category refers to the analog capability and
nondiscrete nature of changing the value of a resistor, which laser
trimmable thin-film resistors display. “Stress on IC” refers to the
power the die is forced to dissipate during the trimming process.

TABLE 5.1.. Qualitative Comparison of the Different
Trimming Techniques

Trimming Normally Normally Nondigital

Techniques Open Closed Adjustment Stress on IC Cost
Zener zap I d High Low
Fusible link V Moderate Low
Laser trim » v Low High

Design Example 5.1: Design a trim network for a second-order
bandgap Brokaw cell with current-mode curvature correction (PTAT?
current flows through a series resistor in the output stage) whose
input power supply voltage is 5 V. Assume that the use of fusible links
is adopted for trimming. Also assume that the reference voltage is
expected to have an initial tolerance of +5%, that its target tolerance
is +2%, and that the total PTAT and PTAT? resistance values
required to nominally center the circuit are 130 and 21.5 k(}, respec-
tively.

Since most of the errors associated with a bandgap reference are
PTAT, the trim voltage must therefore be PTAT in nature. As such,
the PTAT component must be variable and programmable. Figure 5.3
shows the implementation of a PTAT trim voltage in a curvature-
corrected bandgap reference. It is noted that resistor R, is not used as
the variable resistor because its total current is not linear; it is the
summation of a linear and a nonlinear current. In any case, the LSB
voltage required is

|4

+ % accuracy

| 4 0.02)(1.2V
W 0002V)

Visg =

K N 2

c

©-
INoniinear

RMSB

Figure 5.3 Trim network for a second-order bandgap reference.



thus, the resistance of the LSB resistor is

R - Visn 3 12 mV
LSB = ‘FPTAT = *(*VTTHT =12kQ,
10.73 kQ

where the .reference voltage is approximated to 1.2 V and the comfo
factor K, is chosen to be two. The number of bits and, consequently,

;he number of binarily weighted resistors required in the network i
our, ‘

V, k.2(5%)V,
ln( fS 4 1 n &_ + 1}
# Bits > VLSB _ Vi% accuracy I/1'ef
in2 In2
2(0.1)
In +
_ [ 0.02 1] .
2 = 3.5 Bits.

NO.W, the reference voltage is nominally centered when the tota
resistance of Ry and R, is 130 k), which occurs when the trim§
resistor is half its full-scale value (all trim resistors are short-circuited
except for Ry or equivalently only R, is short-circuited. Thu
the nontrimmable resistor in the trim network (R,,) is defined to be

R, =(130kQ) - R, — R

MSB>

where R, has been predefined in this design problem to be 21.5 kQ

(PTAT? resistance) and R, is

Rygp = 2#BS-DR 0 = 9.6 kQ;

thus,

ks
I

.= (130 - 21.5 - 9.6)kQ = 98.9kQ.

One option for the physical implementation of the trim is to place
the fuses across the terminals of each binarily weighted resistor. This
apprqach is not adopted however! The current necessary to break the §
fuse is on the order of tens of milliamps (requiring approximately 5 to

6 V), thereby possibly changing some of the electrical characteristics
of the resistors and the surrounding circuitry. Consequently, the fuses
are digitally buffered with inverters and switches. The “on” resistance
of the MOS switches short-circuiting the terminals of the trim resis-
tors must be sufficiently low to prevent significant errors from altering
the trim voltage. Therefore, R, for these transistors is chosen to
be less than 25% of the total resistance of R; 3,

1
R =~ < 0.25R
pien  K'(W/L) (Vgs = V) o

or

1
K'(Vis = V) (0.25R.55)

(W/L) = 16,

thus choosing
(W/L) = 30,

where the transconductance parameter K’ and the threshold voltage
V, are assumed to be 50 uA/V? and 0.7 V, respectively, while the
inverter driving the gate of each switch is assumed to be CMOS (V5
can be raised to V). The aspect ratio is chosen to be roughly twice
the minimum of 16 because the MOS resistance, over process and
temperature, can vary up to approximately 100%.

The input voltages of the inverters must be either lowered or raised
close to the supply rails to reliably define the gate voltage of the MOS
switches. The fuses, when not blown, provide a low resistive path to
ground. However, the input of the inverter must be forced to a high
voltage when the fuse is blown. This task is achieved by forcing a small
current to flow to the input node of the buffer inverter. A small
voltage drop is created across the fuse when it is not blown but its
potential is well below the threshold of the inverter (the resistance of
the fuse is typically less than 200 ). When the fuse is blown,
however, the current charges the capacitance of the input node to a
few millivolts below the input power supply.

The process of breaking the fuse requires a considerable amount of
current to flow through the fuse and back to ground. As a result, a few
precautionary steps are taken to protect the small current source as



well as to prevent current flow through the substrate of the I
Toward this end, a diode is added in series to prevent curreng
backflow through the current source when the fuse is programmed. A%
separate ground pad (trim ground) is also added to force the larg
current to flow through the pad and not through the ground of the I

Resistor R,, residing between trim ground and chip ground, is necess
sary to ensure that the fuse is pulled to the ground potential durin
normal post-trim operation. On one end, resistor R, must be suffj
ciently low to guarantee that the input of the inverter is in a stable lo
state while, on the other hand, R, must be large enough to preve
significant current to flow through chip ground during the trimmin,
process.

Trim ground is externally short-circuited to chip ground during th
trim, thereby impeding current from flowing through R,. The assump
tion is that a low resistive path exists between trim ground and the
common ground line of the instruments. The flow path of the largagd
trim current is illustrated in Figure 5.3 by the thick lines (solid an:
hashed). The metal width of these traces must be large to reduce th
equivalent series resistance and therefore reduce the power dissipate
in the IC during the trimming procedure. The metal line must al
abide by the current density requirements of the given process tech:§
nology. For reliability, the voltage at the intersection of the solid an
hashed thick lines must not exceed the breakdown voltage of th
diodes added to protect the current sources. As a result, the resistanc
associated with the thick solid lines cannot be large. The resistance g
the thick hashed lines simply increases the voltage overhead of th

nstrument

nstrumentation that provides the trim current (¥, = I im( R i
+ Rhashed + Rfuse))' i

5.2 PACKAGE-SHIFT EFFECTS

As mentioned in the previous discussion, the process of packaging
eference circuit induces variations on the output voltage. Particularly
he mechanical stresses superimposed on the die alter the characteris- 28
ics of the p-n junction, which, of course, is the basic core of most
eference circuits [5]. Since the mechanical stresses vary from packag
0 package, package-induced effects are dependent on package an
ary accordingly. Ceramic packages, unlike the plastic counterparts
lo not cause significant stresses on the die. Unfortunately, cerami
vackages are not as cost effective, as compact, or as moisture insensi
ive as plastic packages, which do impose severe stresses on the die,

Plastic Mold

Leadframe i
Tensile Stress e Die
/ \

N
Leadframe
(a) (b)

Figure 5.4 Mechanical stresses on the die: (a) tensile stress during the cool-down
process of die attachment and (b) plastic-encapsulation effects.

thereby leading to parametric shifts, metal movement, and even die
cracks [6,7]. .

The two packaging steps mainly responsible for package-shift e.f-
fects are die attachment and plastic encapsulation [8]. Difference§ in
thermal expansion coefficients cause the die to undergo physwal
stresses. In the case of die attachment, once the die is physically
attached to the leadframe, the die effectively bends as the die-
leadframe combination is allowed to cool down to room temperature
(the process of attachment takes place at elevated temperatures).'Thls
bending results because the die and the leadframe contract at differ-
ent rates, thereby creating the tensile stresses shown in Flgur.e '5.4(a).
In particular, the leadframe, with a thermal expansion COCfflClC.n.t of
roughly 16.5 X 107¢/°C for copper, contracts more than the.s1hcon
die, which has a lower thermal expansion coefficient (approximately
3.5 X 107 /°C). Different types of die-attach compounds can be used
to mitigate these effects. Both ceramic and plastic packages suffer
from this effect but their p-n junction repercussions are not greatly
significant. .

Plastic encapsulation, however, does impose significant stresses on
the die. Its effects, as shown in Figure 5.4(b), counteract those of the
attachment process. Most of the plastic molding is done at a tempera-
ture of 175 °C, to lower the viscosity of the plastic mold. The plastic,
which has a typical coefficient of thermal expansion greater thaq ten
times that of silicon, transmits an ever-increasing stress to the chip as
the package cools from molding to ambient temperature. The plaspc
mold essentially contracts on the sides and on the top of t}}e die,
thereby bending it in a concave fashion. The resulting hOI‘lZOI.ltal
compressive die-surface stresses are much larger than the vertxc'al
stresses because the plastic lateral wall is much wider thz.in the thin
top layer of plastic [9, 10]. Vertical stresses increase with thicker layers
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5.5 Cross-sectional images of dies: (a) i ;
. : al : nonplanarized, (b) planarized
arized with an additional mechanically compliant layer (“sandl\)vich layer”’)all

Figure
(c) plan

.reference, is that the physical location of the layout, within the die, i
mmportant and it will affect how the package affects’ the reference ’

. One of the main vertical compressive stress-related failure me(.:ha-:‘f:
nisms repprted in the literature is the filler-induced mechanism [11]-%
The plastic mold consists of silica fillers that vary in size and shape, as

shown in Figure 5.5(a). The fillers are used, among other reasons, t

reduce the thermal coefficient ex i ‘
: pansion of the package to
destructive effects like corner and 4 % D as

' . 1 passivation layer cracking as well as
I;lletal-l}ne shifts. Depepdlng on the size, shape, and orientation of
21 lese fillers, they. exert intense stress fields on localized regions of the

ie. The unpredictable nature of the location of these fillers is the

main culprit for the packaged-induced iati i j i
pri variations -
characteristics. g Juneton

The bandgap energy and the saturation current of p-n junction
diodes change as a result of these stress-fields [5). Package effects
cause the minority carrier density concentration to increase, which
causes an increase in saturation current, thereby decreasing the
diode-voltage and ultimately reducing the bandgap reference voltage,

lo 1
AVBG = VT ln(%) = VT ln(m) = _VT ln[’y(s)], (55)

where AVy is the variation of the bandgap voltage as a result of
package shift, V7 is the thermal voltage, I, and I, are the unstressed
and stressed saturation currents of the p-n junction, respectively, and
y is a function of the position-dependent strains (&) in the junction.
Appendix B.5 shows a detailed derivation and a more explicit explana-
tion for the above-referenced shift in the reference voltage.

Theoretically, postpackage stress is a result of a difference in the
thermal expansion coefficients of the plastic mold and the silicon die.
Therefore, it can be shown, approximately, that:

easa(T,-T), T<T, (56)

sp sp

where s is the stress on the die and 7 is temperature, which is below
the molding set point T, (usually around 175 °C) [12]. The stress
placed on the die by the plastic is directly proportional to the molding
set temperature and varies with operating temperature. The end
result is that the die becomes less stressed at higher temperatures
(totally unstressed at molding set point temperature T,,), thereby
exhibiting an additional positive TC, which is actually parabolic in
nature, as seen in Appendix B.5.

The effects of the differences in thermal expansion coefficients of
the die, leadframe, and plastic mold on the bandgap reference while
going through the die-attach and plastic-encapsulation process are
global and, relatively speaking, fairly systematic in nature. They cause
a decrease in reference voltage of roughly 3 mV at room temperature
while yielding a positive TC of approximately 0.044 mV /°C, which
varies with bond and mold compounds. To minimize this shift, as well
as its randomness, the circuit should be placed toward the center of
the die. Additionally, a full postpackaged characterization is required
to fully ascertain the temperature-drift implications of the circuit and



package. In other words, the TC of the package offset should
included in the optimization of the circuit when ascertaining a trj
target voltage, the “magical bandgap voltage.” Consequently, estg
lishing the reference voltage at room temperature for which the
TC occurs must be done after packaging.

Now, the statistical random component of the package drift:
mainly the result of the silica fillers in the plastic, which exert intep
and unpredictable localized fields of stress throughout the die.
address these variations, the addition of a stress-relicf layer as thin
15 pum has proven effective. Even planarization (Figure 5.5(b))
shown improvements between 16 and 18%. When a mechanicz
compliant relief layer of 15 wm is added to an already planarized

(as shown in Figure 5.5(c)), an additional improvement of appro
mately 35% is also observed.

5.3 SYSTEM-RELATED ISSUES

There is currently a large and growing market demand for mobil
battery-operated products, such as cellular phones, pagers, camer
recorders, and laptops [13]. The thrust of the requirements is fuele
by high performance under a low voltage and an environment chara
terized by low quiescent-current flow [14]. In fact, performance j

(NiMH) battery cells initially exhibit 1.5 to 1.6 V but they eventuall
collapse to approximately 0.9 V. The demand for low voltage 1

down voltages decrease, thereby imposing upper limits on powe
supply voltage [15, 16]. As a result, reference circuits that can operat
at low input voltages and with low quiescent-current flow are in hi
demand! Additionally, single chip solutions, also in high demand
incorporate the generators of noise alongside sensitive analog circuitry

like the reference. Consequently, high power supply rejection (PSR
and general high noise rejection are required.

5.3.1 Circuit Implications

The implications of low voltage, low quiescent-current flow and single
IC solutions are severe. The uses of common techniques like

i rlington configurations, cascoding d.e-
e-mlttegrii/osc(l)e‘:l-r(:i)ennf:lltzgelresxzeleE}llifte%s, and so gon are discouraged while
Vlces:j mands of PSR performance and accuracy are heightened.
the et-sensitive paths (paths of current from input power supply to
Curreg) must also be reduced to minimize quiescent-current ﬂow..As

O it, intelligent yet simple reference circuits with fewer electrical
2t n’ents are desired. Similarly, designs must add-ress' onl}'f th_e
compf(? requirements demanded by the system to 51mp11fy circuit
SpeCI1 . al?d therefore minimize quiescent-current flow. For instance,
e O’%ly ut supply voltage exhibits insignificant steady-state variations
' tclllelcl>wp noise, neither preregulated pseudo-supplies nor f:ascodmg
i ices, used t;) improve PSR, are necessary. The overhe'ad in Volta}ge
gﬁg in ,current associated with a preregulator and /or series cascoding

ices is circumvented.
devé;ii:;asll care must be placed in designipg the robus;nessfof Itll(l:z
circuit with respect to condition§ t'hat.transwntly causfe t ;:1 Te :rlelire_
to collapse, like systematic noise injection. The reason for this r (ilem]
ment is that transient noise can cause the refqrence tol tr.anls o S};
approach its zero-current state, thereby requiring adrcz, Ifl\t;gc/{ ;1 ost
startup circuit. For instance, a puls§-w1dth—modulate ) con
troller IC inherently generates noise in the substrate b.ecallllse 3 lalr) :
voltage and current transitions. Since the §ubstrate is shared, fi;t
transient noise impulses are coupled back.l.nto the reference cc:llrcut.
This noise can momentarily pull internal critical nodes to gr(;un i)tr 2
the input supply. Noise is also injecteq through the supp %fhvo aiie
because of the innate large current trap§1ents of the system. edno.th
injected, the capacitance around sensitive nodes, and the spee thhe
which the circuit pulls out of the zero-current state determine
susceptibility of the reference circuit to noise.

5.3.2 Layout Implications

Many of the system issues that degrade the perfo.rmancz e;xﬁdr rﬂlaei
quality of the reference come in the form Qf noise an1 t ema

gradients. Systematic noise, like a clock or a switching regula 01['), tmtz
couple into the reference by means of cross talk and / or lsuhsVe ¢
injection. Consequently, the placement of paths whose siigna ] 3 ¢
frequency component must be carefully routed away an alrouril 1 the
physical location of the reference. Generally, the reff?renc§ mPWM
distanced from the noise generators (e.g.., the power drivers llrll( a !
controller). The space between the circuit and heat sources like powe



Figure 5.6 Noise coupling through the differential input pair of an amplifier.

output transistors, which carry large current densities, must also be
maximized. The thermal gradients are greatest near these heat gener:
ator_s. Moreover, the reference should also be placed, as discusseci
earlier, toward the center of the die to minimize package-induced
offsets resulting from mechanical stresses.

An analysis of the system with respect to noise generation ig
warranted to optimize layout and minimize injection. For instance, th .
fact 'that a metal trace carrying the reference signal physically ends it
Fhe input pair of a comparator or an amplifier does not necessarily.
imply that the path is immune to noise. If the other input of thé
comparator or amplifier has a noisy signal, the noise will coup
through the input pair back into the reference. This phenomeno;
sometimes referred to as kickback noise, is prevalent in switchi
regulators where the output ripple is sensed against a referen
voltage through a comparator. The noise is coupled through t
pase-emitter/ gate-source capacitance of the devices in the differential
input pair, as illustrated in Figure 5.6. The extent of the noi
reflected in the reference voltage is mitigated by the shunt capac
tance between the reference and ground as well as by the bandwidth
(speed) of the regulated reference. An unregulated reference will
depenq _ent'irely on the shunt capacitor to minimize the effects of
noise injection. =

For the case of regulated references, the closed-loop bandwidth
determines the speed with which the circuit will react to oppose the
qffects of noise. This is graphically illustrated by Figure 5.6(b). The
time required for the reference to react determines the peak voltage
VarlaFion of the reference voltage. A fast circuit reacts to oppose the'
transient noise before the voltage variation reaches undesired levels.
As a result, the peak-to-peak voltage variation of the reference is.
reduced as the speed of the circuit increases, thereby improving

effective overall accuracy. Increasing the shunt capacitance to ground
also minimizes this variation; however, the stability (phase margin) of
the feedback loop may be compromised. Settling time increases with
degraded phase margin, of course. The repercussions of systematic
noise being injected into the reference may manifest themselves as
system instability. The output of a DC-DC converter, for instance,
may exhibit unexpected frequency components as a result of a tran-
siently varying reference.

Design Example 5.2: Design the architecture requirements of a +5%
bandgap reference circuit with 40 dB of PSR (up to 1 kHz). Assume
the temperature range is from 0 to 125 °C and a noisy supply voltage
powers the circuit whose total steady-state variation is less than +50
mVpc in a battery-operated environment.

A first-order bandgap reference suffices for the aforementioned
sample application. The temperature coefficient of a first-order circuit
is between 20 and 100 ppm/°C, which yields +1.5 to 7.5 mV of
variation over the specified temperature range. A + 5% reference can
tolerate roughly +60 mV of variation (assuming a bandgap voltage of
1.2 V), thereby leaving approximately +52.5 mV for variations result-
ing from process tolerance and steady-state changes in supply voltage.
The effects of the input supply varying +50 mVp on the reference
voltage are minimal. However, the effects of supply noise on the
reference are sufficiently significant to warrant a design that caters to
good PSR performance. As such, a pseudo-preregulated supply is
chosen to be part of the design despite the line regulation perfor-
mance required. A low-impedance output is desired to maximize PSR
performance, thereby intimating a regulated output stage. Since a
battery powers the system, low quiescent-current flow must be inher-
ent to the solution. A voltage-mode output stage is simple, efficient,
and reliable, requiring minimal quiescent current.

Ultimately, based on the choices already made, the reference
voltage variation due to line regulation is going to be less than +1 mV
(+£50 mV = PSR, where PSR is specified to be greater than 40 dB).
As a result, a total variation of +51.5 mV is allocated for process
tolerance. This tolerable inaccuracy (equivalent to +4.3%) along with
the initial process-induced variation of the reference determines the
trimming requirements of the circuit. Since typical bandgap references
have an initial accuracy between +2 to 3.5%, no trimming is required
to achieve a + 5% total variation! In summary, a first-order, untrimmed
bandgap circuit with a preregulated pseudo-supply voltage and a



tegualcd vorage-mode output stage is appropri ion |
problem stated in this example. & ppropriate for the design 4

5.4 CHARACTERIZATION

Ch-aracterizgtion is important for two purposes: (1) to ascertain if

ad]ust_ment 1s necessary (recenter the reference voltage accordin o
expe'rlmfanFal data) and (2) to document the performance and b
metric hnpts of the circuit. Most precision references require I:;lra
design adjustments when first tested in a new process or when firms:

desilgped. Mo‘d'ificatiqns are typically necessary because the models
use1 (11n the initial design phase exhibit inaccuracies with respect to the
real devices. Most commonly, the temperature-drift performance ig

typically refers to linear regulators as opposed to references. For the
case of references, the load typically does not vary significantiy In an
case, .the load performance of the reference may still be eva'lluated)T
especially if its output impedance is low. ,‘

All measurements are validated through statistics; in other words,
the. specifications are considered valid only if a large portion of tht;
units perfqrm within the specified parametric window. The accuracy
of the equipment used to gauge the parameters of the reference must
exceed the accuracy of the circuit by at least three to four times. For
ex:ample, a measurement system having 10 mV of resolution ié not
sult.ab.le to measure the TC of a 1% 1.2 V reference, which has a total
variation of less than 12 mV. Furthermore, the noi,se injected to the
rc.aferel}ce, while testing, needs to be low. This requirement is espe-
cially important with references that exhibit high output impedanI():e
A buffer may be necessary to isolate the sensitive reference from the:
noisy environment. The buffer, however, cannot load the reference
with current, nor can it introduce a voltage offset to the measurement
pnless 1t is a well-characterized offset voltage whose value is taken
Into account when the data is analyzed. A chopper-stabilized buffer
may be appropriate as long as the noise generated from the clock used
in the buffer does not affect the measurement.

The temperature coefficient of the circuit is measured by placing
the IC in an oven or a thermal stream and monitoring the reference
voitage at different temperature settings. The biasing components and
the experimental printed circuit board (PCB) need to be rated to
tolerate the temperature extremes dictated by the specifications. Fur-
thermore, the electrical biasing conditions must be consistent through-
out the temperature range. For example, the input supply voltage
(taken from a regulator onboard the same PCB) should exhibit low
voltage variations throughout the temperature range. Ultimately, these
tests must be done once the die has been packaged to include the
mechanical-stress effects of the package itself.

The soak time (time allowed, after the temperature has settled,
pefore collecting data) must be sufficiently long to permit the refer-
ence and the surrounding biasing components to settle to their
steady-state condition. The minimum soak time is determined by
increasing the soak time in an iterative fashion until no more differ-
ences in the value of the reference are encountered for a particular
temperature setting (using the same unit device). As with most mea-
surements, soak time must be established statistically to ensure that
the data is reliable. Though often neglected, thermal hysteresis is also
an important characteristic. If there is no difference in temperature
drift performance when ascending as when descending through the
temperature range, the circuit does not exhibit thermal hysteresis. 1f
the soak time is not long enough, however, externally induced thermal
hysteresis will be present, thereby nullifying the experiment. As a
result, soak time and thermal hysteresis must be evaluated coherently.

The reference voltage is said to have thermal hysteresis only if
hysteresis is still prevalent after soak time has been determined to be
sufficiently long. For the case of true thermal hysteresis, the total
temperature drift of the reference is defined by the voltage extremes
measured throughout the ascending and the descending temperature
sweeps. For instance, a reference voltage has a total temperature-
induced variation of 10 mV if the reference peaks at 1.184 and
1.189 V when the temperature is swept in the negative direction and
at 1.179 and 1.187 V when the temperature is swept in the opposite
direction. Unfortunately, the factory test floor cannot afford to spend
all the time necessary to characterize thermal hysteresis even though
its existence is prevalent. The hysteresis may even change as a result
of physically handling the unit since the causes of the hysteresis span
from characteristic changes of the integrated circuit components to

package-induced stresses.



Line regulation is measured by monitoring the changes in the 1

rf;:ference while varying the input supply voltage throughout its speci-
fied range. As line regulation is evaluated, quiescent-current flow can
also be monitored throughout the input voltage range. Since they are
steady-state parameters, the variation of the supply should be rela-
tively slow. In other words, a minimum amount of time should be
spent at each input voltage setting before data is documented. The
bandwidth of the reference determines this limitation, which is de-
fined by the load capacitance and the output impedance of the circuit.
For instance, if the bandwidth of the circuit is 20 kHz, then the
minimum time that should be spent at each input supply setting is
roughly 20 us (2.3 + 2w fy,,, where fg, is the bandwidth in Hertz
and the equation is derived in Appendix C.5). Micropower designs

with low quiescent-current flow tend to have lower bandwidths, thereby

.requiring slower measurements. Similar considerations must be taken
into account when gauging any steady-state parameter, like load
regulation performance.

For accurate line regulation measurements, the supply voltage
should descend from its highest setting to its minimum specified value.
This limitation is imposed to prevent startup operation and associated
delays from affecting the measurement. If the supply voltage were to
ascend from zero volts, the circuit will traverse from its zero-current
state through startup to its final normal operating mode. Startup
occurs when the input voltage is below its minimum specified value.
However, the delay associated with startup is typically much larger
than the one defined by the bandwidth of the circuit. As a result, if
the supply is descended from its maximum specified value, the circuit
will not suffer from any startup problems since the measurement
ceases before the onset of the zero-current state. On the other hand,
the input supply voltage should ascend from zero volts when ascertain-
ing the robustness of the startup capabilities of the reference. Differ-
ent power-up sequences can also be used as startup experiments (i.e.,
stepping the input supply from zero to its minimum and maximum
specified values within nanoseconds).

Power supply rejection (PSR) can be measured by superimposing a

sine wave on the input power supply and monitoring the amplitude of 3

the sinusoidal signal at the reference voltage. The frequency of the
sine wave is varied after each measurement to complete acquisition of
the PSR performance (AV;, + AV,;) for various frequencies. A well-
calibrated gain stage may be cascaded to increase the resolution of the
measurement system. For instance, if a 0.25 V peak-to-peak voltage
were to be used as the AC signal in the input supply of a 45 dB PSR

circuit, the expected peak-to-peak voltage of the reference is
(1.4 mV = 0.25 V = 104 98/2%)_1If the resolution of the equipment is
greater than 2 mV, then a well-characterized high-bandwidth 20 dB
gain stage can be added such that the actual output signal has a
peak-to-peak voltage of 14 mV. As a result, the device under test
(DUT) has a PSR performance of 20 dB greater than the actual
reading of the measurement, i.c.,

025V
PSR, = 20 logm( PP | + 20 dB = 45 dB. (5.7)

14 mVp_p

Similar techniques are used when measuring the output noise
performance of the circuit. Systematic noise is typically noise injected
through the power supplies, thus its performance is described by PSR.
Inherent output noise, however, is present even when all injected
noise is eliminated. The typical procedure used to characterize this
innate output noise begins by characterizing the gain and the noise
performance of the measurement system. The resulting noise and gain
profiles are eventually used to extrapolate the actual noise perfor-
mance of the reference circuit. This system characterization should be
done just before doing the measurement with the DUT to ensure a
consistent testing environment. Consequently, the PCB must be con-
figured to allow the noise of the reference to be shunted to ground
when ascertaining the noise contribution of the system. The effects of
the noise introduced by the system (V) are subtracted from the
total noise (V%) by using the sum of squares,

I/t?;til = I/s;l:s%em + Vf)klzJT (58)
hence
Vior = VVEL = Vit » (5.9)

where V%, is the noise generated by the device under test (DUT).
The accuracy of the measurement increases as the noise introduced by
the system decreases. Generally, the system noise contributes exces-
sive noise relative to the DUT if the total noise varies by less than
10% when the noise of the DUT is allowed in the system. Ideally, the
noise of the system should be at least an order of magnitude lower
than the DUTs. This constraint may be difficult to achieve if the



rererence itself is low noise. It is noted that the load capacitance of
the reference. determines the noise bandwidth. In other words, lar o !
output capacitors yield lower noise bandwidths thereby reduc,in tgli3 . 5
total root-mean-squared (RMS) noise of the cir’cuit. &0

Iq summary, the measurement of the temperature coefficient must &
consider .soak. time, thermal hysteresis, and thermal stability of tlllqSt
surroux}dmg bla}sing components. Furthermore, in determining lj e""
regulation, the input voltage must remain in its steady-state Valie fne
at least a predetermined amount of time, which is determined by t}? i

bandwidth of the reference circuit. Additionally, the in

The startup quality of the reference can be gauged by subjecting th
IC to dlffere_nt power-up sequences such as a slow ramp-up or
sudden step increase of the input voltage. PSR, on the other hand, i

env1'ronment. Finally, nonsystematic noise is measured in a similar
fashlog as PSR but using the noise of the DUT as the input. However
the noise contribution of the measurement environment must be lov@
enough to allow the extrapolation of reasonable data.

5.5 SUMMARY

Though many applications still require lower-order references, curva
ture-corrected circuits are becoming increasingly popular i;1 high-
performance systems. The demand for high-performance references
stems .from several factors ranging from reduced dynamic range I
(resulting from lower input voltages) to increased system complexity.
Constant noise floors and low power supplies, which result from
batterx operation and finer photolithography, cause the effective
dynanyc range to be reduced. Low-order references, however, are
and w1.11 be, in demand. Given an application whose accuracy rec,luire: ‘
ment is lovy, a zero-order or first-order circuit is typically the least
costly solution. Higher-order references are inherently more complex
tha}n lower-order circuits, thereby requiring more silicon area, more
juiescent-current flow, and, possibly, higher input voltages. ,
The{e are other aspects to designing a reference, besides tempera-
ure drift, that are equally crucial to the system and overall product.
Che output stage, for instance, defines the output impedance of the

circuit. In turn, this output characteristic partially dictates the circuits
vulnerability to random and systematic noise as well as its ability to
source and sink current. The design must mitigate the effects of
steady-state changes and systematic noise present in the input supply
voltage by designing for power supply rejection (PSR) and line regula-
tion. Cascodes and pseudo-preregulated supplies perform this task
well. The design must also account for process variations from die to
die, wafer to wafer, and lot to lot. As a result, careful consideration is
given to the design of the trim network. Package-shift effects also
make this task more difficult. Additionally, the system must be ana-
lyzed to determine the effects of interfacing with other circuit blocks.
Systematic noise, for instance, may be injected through the substrate,
power supply, and/or other circuits, thereby affecting the design of
the circuit and the layout. Finally, the parametric limits of a design
must be carefully characterized to ascertain and define its dependence
to all the different factors, independent of one another.

Most precision references base their operation on the temperature
dependence of a diode (base-emitter) voltage. However, the concepts
and techniques presented extend to any well-characterized naturally
existing voltage. The essence of designing a temperature-independent
reference involves the manipulation and the generation of several
temperature-dependent components whose sum yields a low TC out-
put. This sum may be accomplished through currents and /or voltages.
Furthermore, the techniques used to decrease the susceptibility of the
bandgap reference to input power supply, output load, and process
variants apply generally to the design of any reference. A very precise
reference is achieved when the circuit incorporates all these concepts
into its own design.

APPENDIX A.5 BANDGAP TRIMMING
PROCEDURE FOR A MIXED-MODE (BOTH
VOLTAGE-MODE AND CURRENT-MODE)
OUTPUT STAGE

The output structure of a mixed-mode (both voltage-mode and cur-
rent-mode) curvature-corrected bandgap reference is illustrated in
Figure A.5.1. Trimming for the absolute value of the reference voltage
is done at room temperature while temperature compensation may be
achieved by trimming throughout the specified temperature range.
The following procedure illustrates how trimming, in general, can be



Figure A.5.1 Mixed-mode (both voltage-mode
and current-mode) output structure for a refer-
ence circuit.

dpne for this circuit architecture regardless of the temperature coeffi-
cients (TCs) of the different components.

* Step 1: The reference voltage (V) for this topology is expressed
as

Viet =1y, (Ry + Ry + Ry) + Ippar (R + R,) + Iy, R,, (A5.1)

vs./here Iy, , Iprar, and Iy, are base-emitter derived, propor-
tional-to-absolute temperature (PTAT), and nonlinear tempera-

ture-dependent currents, respectively. Alternatively, V. can be
reexpressed as

R,

initial

Vref(m) = [1, (R + Ry + R3) + Lopyr (R, + Ry) + Iy, Ry 8

R2initia|
R, +R, (A5.2)
or
2initial _
ret R1 + R2 - AIVBERZinilial + BIPTAT Rzinirial + CINLRzinma] ’
(A5.3)

where A4, B, and C are the coefficients of the temperature-

l‘;

dependent currents,

P R, + R, + R, A4
~ R, +R, ’ (A-54)
R, + R,

= =1, (A.5.5)
R, + R,
and
C R A5.6
R, +R,’ (A.5.6)

The temperature coefficient of the resistors is canceled because
they are ratioed and fabricated with the same type of material,
ie.,

R(T) R(T)[1+A(T-T)+BT-T)| R(T)
R(T) ~ RyT)[1 +A(T-T)+B(T-T)| RuT)’

(A.5.7)

where R(T) is the value of the resistor at temperature 7, 4 and
B are the linear and the quadratic temperature coefficients of the
resistor, and T, is the reference temperature (typically room
temperature).

Step 2: Data points are collected for reference voltage Vi,
voltage at node a (V,), and voltage at node b (V) throughout the
specified temperature range.
Step 3: Since the initial resistor ratios are known and the voltage
across each resistor has been collected throughout the tempera-
ture range, the currents multiplied by the initial resistance of R,
are derived for the entire temperature sweep,

Vs — V.

T a

IVBERzinitiaI = T—-—— s (A58)
( R2 )initial

IPTATRZi,,Mal = (Va - Vb) - IVBERzinitia] ’ (A59)



and

As a result, the ratio of R, and R, is derived for any desired

v, value of V_(T)).

Iy R, = TR Vv, — V). (A.5.10) « Step 6: The TC of V,,; is optimized using equation (A.5.3) (via a
1 spreadsheet) by using the values derived in equations (A5.8) —
R, Jinitial (A.5.10) and adjusting the coefficients 4 and C (B is predefined

to be 1) to yield the lowest variation over the specified tempera-
ture range. This is an iterative trial-and-error process whose
ultimate results are the extracted values for coefficients 4 and C.

- Step 7: At this point, rearranging and solving equations (A.5.4)
and (A.5.6) yields new resistor ratios for R, /R, and R;/R,,

. Step 4: At this point, the values of the currents multiplied by the
Initial resistance of R, at room temperature T. are identified, i.e,
(IVBERzinitial )Tr’ (IPTAT Rzinilial )Tr’ and ([NLRzinilial )Tr' ’

* Step 5: Equation (A.5.1) can be reexpressed as

V Rzini!ial _ Rl R3
| R | T [1,(Ry + Ry + Rs) + Lppar (R + Ry) + Ipag R P 12
= = (A5.14)
R, + R, R,
R2. itial —_ + 1
“| R, (AS.11) )
: or
and consequently yields the following at room temperature:
LEI R R X (4-1) Ny 1) (A.5.15)
2initial = —_ J— 5.
V;ef(Tr)( R ) B (IVBERzinitial)T — +1+ = R, R,
? R 2 / initial
and
R
+(IPTATR2mma\)T, ?1. +1 R1 C
2 initial ‘1’2‘; = 1 —_C . (A516)

Rl
+(IPTATR2initial)T,(R—) » (AS5.12) e Step 8: Change R, by the percentage specified in equation
initial

2 (A5.13). ResistorsR, and R, are modified according to the
or relations shown in equations (A.5.15) and (A.5.16), i.e.,
(R2mmal ) — (IVBERZmMal)T, 5_1 114+ R3 Rl — & . R2 . Rzinitia\ (A 5 17)
R2 VI'Ef(T’) R 2 R2 initial Linitiat R2 Zinitial Linitial
( IPTAT R 2inilial )T,. Rl + 1 and
Vref(Tr) R2 initial R3 . R3 R2 Rzinitial (A 5 18)
] R 3. . R2 Rz 3. ’ o
( PTAT 2ini(ial)T, R1 initial initial initial
V(T R . (A5.13)
refAr 2 / initial where the values for R, /R, and R, /R, are known.



* Step 9: If the temperature-drift variation requires further adjust-

ment, then the process is repeated from step 2 onward. An

additional iteration may be warranted if the magnitude of the 4§
reference is changed significantly from its nontrimmed to trimmed §
state. This condition arises because the output impedance of the
mirrors generating the temperature-dependent currents is finite, |
If the only parameter that needs adjustment is the magnitude of 3

the reference voltage at room temperature, then the process is
still repeated from step 2; however, the temperature sweep and
step 4 are skipped while using the values of 4 and C from the

previous iteration. As a result, all the measurements are simply
made at room temperature.

NOTES

Knowledge of the absolute value of the resistors is not necessary.
Instead, the intrinsic parameters that require control are the ratios of
the resistors. Furthermore, if the absolute magnitude is desired to be
trimmed at room temperature only, then the procedure is the same
except that measurements are only obtained at room temperature and
steps 6 and 7 are skipped altogether, thereby relying on simulations
for the values of 4 and C. In fact, once the values of 4 and C for the
particular process technology and circuit have been characterized,
only room-temperature trimming is necessary. In the end, this type of
rimming algorithm requires at least two resistors to be adjusted,
thereby necessitating a relatively complex trim network. As a result of
the overall overhead, the aforementioned trimming technique is prac-
ical only for a few applications.

APPENDIX B.5 PACKAGE SHIFT-EFFECTS
IN BANDGAP REFERENCE CIRCUITS

Compressive stresses, and the resulting strain, can change several
hysical characteristics of semiconductors. The most significant of
hese changes are variations in the energy band structure of the
emiconductor, which is manifested by increases in minority carrier
oncentrations. Other important changes include variations in hole
ind electron mobility as well as generation-recombination levels.

STRESS EFFECTS IN JUNCTION DIODES

Quantum-mechanical studies have shown that changes in the energy
band structure result in a decrease in tl}e bandgap energy of semicon-
ductors, like silicon and germanium, and a corresponding
increase in minority carrier concentration [5]. Furthermore, thc.ese
increases in minority carrier concentra}tion erend on the .crystall_lne
direction (e.g., [100], [111], or [0111) in which the stress is apphed,
although this effect is minimal in Si.lICO'Il. The ratio of _stressed minor-
ity carrier density to unstressed minority carrier density can be writ-
ten, in general, as

Pro

and
n, = y(s,) 2 1, (B.5.2)
n

po

where p, and n, are the stressed mi.nority carrier .concentrations,dpno
and n,, are unstressed minority carrier concentrations, and &, an ‘81p
are the position-dependent strains in n-type and p-type materlsal,
respectively, which highlight how v is a function of stress. Figure B.5.
depicts, theoretically, calculated values of y(¢) for silicon. The terrg
y(&) is a function of several exponentxz.ils ancz5 couldgbe appr9x1mat§
by a single exponential in the stress region 10® to 10” Pa, which is the
order of magnitude for stresses in plastic packgges.. '

Reverse saturation current I, of a p-n junction diode can be

written as

I qABnnp _ qA—"_‘l’nVTnp

(B.5.3)
s Wy Wy

2

where ¢ is the electric charge, A is the cro§s—sef:tional area of th—e
emitter, D, is the average effective electron-dlffus.lc')n constant IED,, —l
V), W, is the average effective elect¥on mobility, I./T is therma
voltage, W, is the base width, and »n_ is the base minority carrier

density. By substituting equation (B.5.2) in (B.5.3), I, can be written as

I _ qu_j‘nVTn’pO’Y(s)
s WB

= L,v(e), (B54)



where I, is the reverse saturation current of the diode in the
unstressed state. Compared to increases in minority carrier concentra- §
tion, stress-related changes in the electron mobility have been as- §
sumed to be negligible on 1, as [5] points out. Thus, one of the results
of placing stress on a junction diode is to increase its reverse satura- /

tion current.

STRESS EFFECTS ON THE BANDGAP
REFERENCE VOLTAGE

The bandgap reference voltage Vy,; for a first-order Brokaw bandgap 3§

reference circuit is given, generally, by

Vec = Vae + 2k V; In(N), (B.5.5)

where Vy, is the base-emitter or p-n junction diode voltage, k_ is a
resistor-dependent constant, N is the ratio of base-emitter areas of
the two diodes generating the PTAT current in the Brokaw cell
(N =1I,/I,), and [, and I, are their respective reverse saturation
currents. If V., is taken to be the unstressed bandgap voltage, the
shift in the bandgap voltage (AV;) resulting from package stress is

AVBG = Ve = Vaco

R, R,,
VBEI + 2_I/T ln(N) - VBElo + 2—_VT ln(No) 5
R, R,

(B.5.6)

where the subscript o denotes unstressed values. If the bandgap
reference is placed in a uniform stress field and proper layout tech-
liques have been used to match resistors as well as transistors, then

he ratio of emitter areas (I,,/1,) and resistor values remains un-
*hanged:

= N =N, (B.5.7)

and
R20
- Rlo .

ll

k (B.5.8)

C

R,
R,

Consequently, the bandgap voltage shift becomes

I Io V 1 I'Islo
AVge = Vg1 — Vieio = Vr 1“(1_) —Vrin 7177 n I, )

s1 s1 o sl

(B.5.9)

where

I= M (B.5.10)
R,

Currents I and I, are the corresponding colle(_:tor currents o_f the

stressed and unstressed bandgap circuit, respectively. Since N is ap-

proximately equal to N,, and assuming thgt the stress c?ffects }(1)1n

resistors are negligible (e.g., polysilicop resistors [17]), I is roughly

equal to I,, thereby making package shift AV, equal to

I 1
—il—a ~ —_———— = Tl E)). B511)
AVBGzVTln(I ) Vrln(y(s)) Vr In[y(e)l. (

s1

Therefore, the effect of package stress on the bandg_ap reference is. to
lower its voltage by an amount approximately given by equation
(B.5.11), which is typically between 3 and 5 mV at room temperature.

TEMPERATURE EFFECTS ON THE BANDGAP’S
PACKAGE SHIFT

Theoretically, postpackage stress is a result of a differen?c? in the
thermal expansion coefficients of the plastic mold and the silicon die.
Therefore, it can be shown, approximately, that:

seasa(T,-T), T<T, (B.5.12)
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where & is the die strain, s is the stress on the die, and T is
tempoerature below the molding set point 7, ,, which is usually around
175 °C _[12]. The stress placed on the die by the plastic is directly
proportlon.al to the molding set temperature. As a result, the bandgap
voltage shift worsens with higher temperature differentials, from the
poldmg Set point. Because stress is directly proportional to tempera-
ure deVI?tions, and since y(¢) can be approximated by an exponen-
ial relationship (Figure B.5.1), equations (B.5.11) and (B.5.12) show

AVgs = -V, ln[y(g)] = —V, ln[eklﬁc?]

= =Vp e D] = —¢T[c(T,, = T) + ¢;], (B.5.13)

flthr:dli: lo’nz(t)éni:_ and c, are physical, semiconductor, and package-

Figure B.5.2 shows the temperature variation of the bandgap
ackage shift for several devices. Note that the empirical data indi-
ates a mostly linear relationship of package shift versus temperature,
'hich may result simply because a relatively small range of tempera-
Ire was measured. However, the TC of the package shift shows
ariation from unit to unit, just like package shift itself. Assuming a
10stly linear TC for the package shift, the average TC was about
-_044 MV /°C and its standard deviation was about 0.012 mV /°C.
1gure B.5.3 shows a temperature measurement of a bandgap refer-
1ce before and after packaging. Note that the TC of the bandgap
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Figure B.5.2  Measurements of package-shift offset (AVj) with respect to tempera-
ture. ,
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Figure B.5.3 Temperature variations of (a) Vs before and after packaging, and
(b) AV

reference becomes more positive after packaging. The designer, as a
result, can compensate the mean by including the TC of the package
shift in the temperature compensation of the circuit.

APPENDIX C.5 DERIVATION OF THE TIME
REQUIRED FOR A REFERENCE CIRCUIT
TO CHANGE A FINITE AMOUNT UPON

A SINGLE-STEP STIMULUS

The reference can be modeled by a unity-gain single-pole response
system. The model is a first-order approximation. The steady-state
change in the reference voltage that results from a variation in the
supply voltage is used as the imaginary stimulus for the unity-gain
system modeled. This imaginary input has, as the input voltage does, a
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Figure C.5.1 Time-domain description of the imaginary stimulus with respect to the

reference and input supply.

rapid step response. Figure C.5.1 graphically illustrates how the imagi-

nary stimulus (V,,,) is defined. The final response of the new system is |

equivalent to the one caused by an actual change in the input supply

voltage. This manipulation is performed to analyze the delay through |

the system, or equivalently, the delay that the reference exhibits when
a change in the input power supply occurs. As a result, the relation-

ship of the reference voltage (V) is expressed as a function of !

imaginary input ¥, and time constant 7,

1
V.=V .
ref tm(sT + 1) (CSI)

The equivalent input voltage is assumed to have a single-step response
with a peak-to-peak voltage of one volt (V;,, = 1 + s, in the s-domain);

thus, V,; is
Voo 1 ( 1 ) 1 T 1 1
e slsr+1 _;_(S'r-i-l):;_ 1 (C5.2)
s+ —
r
n the s-domain or, equivalently,
—t
Vref =1- CXp(—T—), (C53)

n th(? time-domain, where ¢ refers to time. Consequently, the time
hat it takes for the reference to rise to 90% (Atg,) of its unity

steady-state value (0.9 V) is approximately 2.3,

09V — 1\ J|A 0%
Vref 0 = [1 - exp(——q—_—)] . (C.5.4)
or
— At
09=1—m4~—ﬂﬁy (C.5.5)
T
which is rearranged to
Atgyy, = 7In10 = 2.37. (C.5.6)
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